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A symmetrical LLC resonant converter topology with a fixed-frequency quasi-triple
phase-shift modulation method is proposed for battery-powered electric traction systems
with extensions to other battery storage systems. Operation of the converter with these
methods yields two unique transfer characteristics and is dependent on the switching fre-
quency. The converter exhibits several desirable features: 1) load-independent buck-boost
voltage conversion when operated at the low-impedance resonant frequency, allowing for
dc-link voltage regulation, zero-voltage switching across a wide load range, and intrinsic
load transient resilience; 2) power flow control when operated outside the low-impedance
resonance for integrated battery charging; 3) and simple operational mode selection based
on needed functionality with only a single control variable per mode. Derivation of the
transfer characteristics for three operation cases using exponential Fourier series coeffi-
cients is presented. Pre-design evaluation of the S-LLC converter is presented using these
analytical methods and corroborated through simulation. Furthermore, the construction
of a rapid-prototyping magnetics design tool developed for high-frequency transformer de-
signs inclusive of leakage inductance, which is leveraged to create the magnetic elements
needed for this work. Two 2kW prototypes of the proposed topology are constructed to
validate the analysis, with one prototype having a transformer incorporating the series res-
onant inductance and secondary clamp inductance into the transformer leakage and mag-
netizing inductance, respectively. A test bench is presented to validate the analysis meth-
ods and proposed multi-operational control scheme. Theoretical and experimental results
are compared, thus demonstrating the feasibility of the new multi-mode operation scheme
of the S-LLC converter topology.
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Chapter 1: Introduction
The demands on modern power electronics systems are driving innovation in the areas
of converter topologies, device and system packaging, and novel control schemes to achieve
maximum efficiency while providing multi-function capabilities. This is particularly crucial
in applications that require designs to be compact or perform multiple functions within a
larger system – electric vehicle (EV) drivetrains with integrated battery charging systems are
prime examples. This dissertation aims to address these concerns through the examination
of a dual-active bridge (DAB) based symmetrical LLC resonant converter topology with
multi-operation characteristics.
1.1 Background and Motivation
With the prospect of exhausting fossil fuel resources and the effects of global climate
change threatening society as a whole, research in the areas of plug-in electric vehicles (PEV)
is becoming increasingly critical to the preservation of our world. Replacing the internal
combustion engine in consumer vehicles with all electric power and drive systems will greatly
reduce society’s dependence on carbon based fuels and diminish the carbon footprint. The
Department of Energy has provided targets for PEV performance of 94% efficiency with the
EV Everywhere Grand Challenge, which has set a goal for the U.S. automotive industry
to produce PEVs that will be as affordable and convenient as gasoline-powered vehicles by
2022 [5]. At the heart of the future PEV is the electric traction system, which uses electric
power to drive the vehicle’s motor and auxiliary devices (i.e. climate control, infotainment,
etc.) using power electronic converters. This application of power electronics introduces a
number of technical and economic barriers to the adoption of the PEV, as these systems will
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be subjected to electrical, thermal, and physical stress, all of which impose major threats to
performance and reliability.
Though power electronics systems play a large role in the performance and viability of
present and future electric vehicles (EV), they also drive up cost with increasing component
counts and implementation complexity. This is especially the case in purely battery powered
electric vehicles (BEV) now that the battery chemistry of choice have shifted in the direction
of advanced lithium-ion (Li-ion) cells due to their higher energy capacity [6]. However, Li-
ion cells are extremely sensitive to overcharging, temperature, and relative charging capacity
conditions and may present a hazard to vehicle operators. The question of battery health
and safety is of the utmost importance, and thus, demands more robust monitoring and
charging systems compared to their lead-acid counterparts [7, 8].
In recent years, wide bandgap silicon carbide (SiC) and gallium nitride (GaN) semi-
conductor devices have been studied under extreme environment conditions, and been de-
termined to offer superior performance with lighter, more efficient systems operating at
higher frequencies, temperatures, and power [9, 10]. Such desirable characteristics make
these materials very promising for future PEV traction systems. However, there is room for
improvement in the study of converter topologies and methods of control to further advance
the efficiency of these systems as well [11–13].
An EV power system is a complex system of interconnected energy storage elements
(e.g. battery banks, super capacitors, and/or flywheels) and dynamic loads (e.g. electric
motors, system control circuits, and ancillary systems such as climate control, power steering,
etc.), with power flow between these sources and loads being facilitated by an intelligent
network of power electronic converters. A depiction of a typical EV drivetrain system and
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Fig. 1.1: Electric Vehicle
the aforementioned sub-systems is shown in Fig. 1.1. Of the converter systems in an EV
power system, the high-voltage (HV) dc-dc converter, battery charger (on-board or off-
board), and the three-phase motor drive (also called a traction inverter) are of key interest
in reducing system losses, size, and weight.
Traction inverter topologies have remained unchanged for many years, but research
tells us that there is little to be done in the way of increasing efficiency in this area, outside
of the use of novel packaging techniques with wide bandgap semiconductor devices [14, 15].
However, the effects of the dc-link voltage and the regulation of it, or lack thereof, may have
a direct impact on the overall efficiency of the system. Increased efficiency increases drive
mileage per charge, and therefore, increases the utility of an electric vehicle.
Additionally, Li-ion battery discharge characteristics exhibit voltage drops of up to
25% at the battery terminals upon reaching a fully discharged state and requiring charging
before further operation [16]. This being a known case has led to studies of the effects
of dc bus voltage drop on three-phase inverter efficiency [17, 18], which has shown that
inverter losses can increase by as much as 37% when operated with an unregulated dc-link
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voltage. This brings a second challenge to interfacing battery packs in BEVs and that is
the question of how to connect the battery pack to the motor drive inverter itself - is an
additional interfacing converter necessary? The literature to date shows that some designers
are content with connecting the high voltage battery pack (≈280V-400V) directly to the
motor drive with capacitors installed for instantaneous power demand [19] and accepting the
additional losses in exchange for lower cost and part count. However, many have proposed
battery interfacing dc/dc converters to regulate the dc-link feeding the inverter drive [20–25].
Keeping these challenges in mind, converter system efficiency is still crucial to extend-
ing vehicle mileage-per-charge and bolstering the appeal of BEVs to consumers. Resonant
converters offer higher peak efficiency, but perform poorly across wide input range opera-
tion [26–30]. This work proposes a symmetrical LLC (S-LLC) bidirectional resonant con-
verter with a novel fixed-frequency, quasi-triple phase-shift modulation scheme that leverages
the resonant tank’s two resonant frequencies to realize two transfer characteristics over three
frequency ranges. This approach addresses the challenges described above in providing the
motor drive inverter with a well regulated dc-link voltage while simultaneously integrating
battery charging features within this proposed system.
1.2 Objectives
This work proposes the use of a symmetrical LLC resonant converter topology to
accomplish multiple functionalities within an electric vehicle drive train system. This appli-
cation is selected because of its imminent need due to the threat of elevated carbon emissions
and the regulations imposed to reduce them, and because the electric vehicle application best
illustrates the proposed multi-operational control scheme. The symmetrical LLC converter
covers all basis in terms of feature-set (bidirectional power flow, wide input voltage range,
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component count) and electrical power conversion performance (wide zero-voltage switching
range, efficiency, and EMI).
Resonant converter topologies are notoriously difficult to analysis in a typical design
environment and required heavy efforts in more advanced mathematics to calculate antici-
pated voltage transfer characteristics across load, and for multiple modulation variables. An
analytical tool that accounts for all harmonic elements of the non-sinusoidal input voltages
to a resonant tank is sought - a method that may be easily integrated into a computer pro-
gram for real-time analytical results without the need for simulation. A complex exponential
Fourier series method is derived to meet this need.
In addition to this, the need for more generalized magnetics design tools are needed
to accelerate the development of future power electronics solutions. The author aims to
address this through the development of an automated, iterative GUI-based design tool for
power inductor and transformer designers that calculates electrical, mechanical-build, and
thermal performance before committing to a design. Adding further utility, this tool aims to
provide real-time insight to the effects winding geometry have on the leakage inductance of a
high-frequency transformer. This tool will be used in the design of magnetic circuit elements
for the two 2kW prototypes of the symmetrical LLC converter produced in this work - one
with a near-ideal transformer and one with a leakage inductance integrated transformer.
All of these objectives are generalizable in nature and must therefore be communicated
concisely and thoroughly. A non-technical objective of this dissertation is to outline the
methods used in the work presented in a holistic manner and to outline areas where the
approaches may be leveraged against other applications for future power electronics engineers
to use in their research or industry work.
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1.3 Dissertation Outline
To meet the objectives of this dissertation it is arranged such that Chapter 1 provides
the motivation and high-level goals of the work presented. In Chapter 2 a review of the
power electronic elements within an electric vehicle drive train are presented. Several on-
board and off-board battery charger topologies are discussed and tables of comparative
feature parameters are presented to show the strengths and weaknesses of the present art.
The foundations of the Fourier Series-derived analysis methods to be used in later chapters
is also presented.
In Chapter 3 the symmetrical LLC converter is proposed and an analytical method of
evaluation is developed through the use of the complex exponential Fourier Series. This chap-
ter outlines the application of other modulation methods to the symmetrical LLC converter
(frequency modulation, PWM, and phase-shift) and presents the proposed fixed-frequency
quasi-triple phase shift method. The proposed method is shown to enable two distinct modes
of operation of the converter - one for voltage regulation to provide a steady dc-link to an
EV traction inverter and another mode that directly regulates power flow between the pri-
mary and secondary to facilitate regenerative braking charge control of the battery bank and
grid-tied battery charging.
The magnetics design-oriented objective is discussed in Chapter 4 where a Python
programmed GUI application is developed. The presented transformer and inductor design
tool utilizes a magnetic and litz wire component database to pull real-world component values
into the tool. A comprehensive review of magnetics design literature and relationships are
presented and applied within the GUI to automatically produce design outcomes based on
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real-time user input, thus accelerating the design cycle of these components for use in power
electronics systems.
Chapter 5 presents two 2kW symmetrical LLC converter prototypes and testing re-
sults of their operation in each of the operational cases discussed in Chapter 3. Additionally,
the converters are configured in parallel and tested for modular compatibility. The demon-
stration verifies the analysis from previous chapters and illustrates how integration of the
leakage inductance and use of the self-magnetizing inductance of a high-frequency trans-
former may be used in resonant converter topologies to reduce overall component count.
This work is concluded in Chapter 6 with a brief discussion of the results and future
work following this dissertation effort.
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Chapter 2: Drive Train Topology and Resonant Converter Analysis
Battery storage systems of the future will require attentive care in the future due
to the volatile nature of Li-ion technologies. Much work is being done in both research and
industry to address the concerns with li-ion implementation in commercial applications. Of
all the concerns, careful management of the battery charging system is the highest priority.
That being said, this technology has been disruptive to the electric vehicle market over the
last decade. The U.S. Department of Energy conducted a study of EV sales through 2016
and incorporated key market indexes to project sales in the future [2]. The results of this
study are shown in Fig. 2.1, where the actual sales of EV’s since 2016 outpaced the medium
adoption-rate projects with a steeper slope than the high adoption rate forecast following
2017. It is clear that EV technology adoption is growing and driving innovation in this area.
Fig. 2.1: Electric vehicle sales history and low, medium, and high adoption rate forecasts
compared to actual sales following 2016 [2]
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Fig. 2.2: Pure electric vehicle drive train consisting of high-voltage battery bank, dc/dc
converter, 3φ traction inverter, and electric motor
2.1 Drive Train Topologies
At the heart of the electric vehicle is the all-electric drive train. This complete power
delivery and control system consists of the battery bank (Li-ion technology), battery manage-
ment system or DC/DC converter, traction inverter, and electric motor as shown in Fig. 2.2.
The total battery bank voltage ranges from 200V-600V depending on the automotive manu-
facturer and comprises a large percentage of the overall vehicle weight and cost. The battery
management system or DC/DC converter serves to regulate the battery voltage to feed the
traction inverter. Traction inverters convert this dc voltage to 3-phase ac to drive an electric
motor that propels the vehicle. At its core, the areas of improvement needed to take EV’s to
the next level lie in the development of advanced battery chemistry technologies and further
integration of power conversion stages and packaging to drive down cost and reduce weight.
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2.1.1 Traction Inverters
The electric motor that propels the electric vehicle has traditionally been a varietal
type of 3-phase motor. The most common in the consumer market is the interior permanent
magnet synchronous motor (IPMSM) due to its low loss and high torque rating. Another
variety is the induction machine, which does not house any rare earth magnets within its
stator or rotor, but instead relies on mutually coupled windings. To drive these motors, a
three-phase inverter is the primary candidate to do so.
There are many 3-phase inverter topologies, but only the most common will be dis-
cussed here - the voltage source inverter (VSI). The voltage source inverter is by far the
most common compared to other types (e.g. current source inverter, neutral-point clamp,
multi-level, etc.) because of its low part count and relative operational simplicity. Shown in
Fig. 2.3, the VSI is comprised of three half-bridge phase-legs and a bulk dc-link capacitance
for on-demand energy storage. Sinusoidal pulse-width modulation (SPWM) is a standard
modulation/control scheme to produce the three 120° phase-shift output sinusoids that drive
the motor windings. More complex, yet more efficient means of control, include space-vector
PWM (SV-PWM) and droop control. Outside the operation and in-depth analysis of each
of these methods, they all depend on a steady dc voltage source to supply power to the
inverter. In the case of an electric vehicle, the main source of power is the battery bank,
which ranges from 200V to +600V depending on the manufacturer.
2.1.2 Battery Interface: Regulated vs. Non-Regulated
Interfacing the battery pack to the traction inverter is a separate question that has
been studied by industry professionals and scholars alike [17, 18]. It has been conclusively
demonstrated that the total inverter efficiency is affected by the regulation, or lack thereof,
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Fig. 2.3: 3-phase voltage source inverter
of the dc-link voltage supplying power to it. This is explained through a simple application
of Ohm’s Law - for a constant power load, such as an electric motor, the supplied current is
inversely proportional to the applied voltage, which increases resistive and conduction losses
in the converter system and the motor windings themselves.
Though this fact cannot be disputed, the addition of a dc/dc converter to regulate
the dc-link voltage undoubtedly increases the cost and size of the drive train system and is
therefore foregone by some designers [19]. However, there have been many efforts to mitigate
the cost and size of the battery-interface converter, with additional losses and cost justified
through savings in electrical energy costs in charging [20–25].
2.2 Battery Charger Review
Battery charging capabilities are another integral part of the electric vehicle system.
Though the question of ”how” this may be done, another pertinent question is ”where” will
this be done. For most consumer vehicles, the most convenient source of electrical power to
charge their vehicle’s battery bank is through the use of a standard 120Vac outlet. Some
homesteads may even have access to a 230Vac outlet with a higher current breaker for faster
charging. At the industrial scale, for dc fast charging systems, the battery charging system
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would tie directly into the 480Vac-600Vac grid to achieve even faster charging times. These
charging methods have been classified into different levels (I, II, and III) based on their
supply voltage and power capabilities. This is outlined in Table 2.1, where the charging
voltages/powers of each level are compared as well as their typical application and use
location.











Level I 120 Vac
On-board /
home 1.8kW >12 hours
Level II 240 Vac
On-board /
home 4kW - 8kW 2-6 hours
Level III 208 Vac,3φ
Off-board /
commerical >18.2kW <1 hour
2.2.1 Common Charger Topologies
Battery chargers come in two main types, on-board and off-board. Off-board battery
chargers are maintained at the charging station and are typically higher efficiency and lower
cost than on-board chargers due to their relaxed volume constraints. On-board chargers, on
the other hand, are housed within the EV itself and are highly cost and volume constrained
in order to keep the overall cost and size of the EV down. Off- and on-board battery charg-
ers/topologies have been studied in depth [11,31], with many possible solutions proposed.
One of the most common on-board charger topologies is the interleaved boost con-
verter (Fig. 2.4) due to its low part count and ultimate implementation cost. The interleaved
boost converter effectively operates two boost converters in parallel 180° out of phase with
one another, which increases the total power handling capability of the traditional boost
converter [11]. The now dual-current-fed dc capacitor at the output is subjected to ripple
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Fig. 2.4: Interleaved boost battery charger
Fig. 2.5: Full-bridge battery charger
frequencies that are half that of the traditional boost converter and may be greatly reduced
in size and RMS current rating. However, the operation complexity increases when the
desired number of interleaved boost converters (up to 6 or more interleaves) is increased.
This topology has found applications mostly in the Level I charging space and is typically
connected to the home outlet through a boost PFC converter.
The full-bridge converter uses two half-bridge phase legs to drive a PWM voltage
across the windings of a transformer to either step-up or step-down the charging voltage to
the battery. This topology may be implemented with either a full-wave rectifier (as shown in
Fig. 2.5) or with a center-tapped transformer, half-wave rectifier, and an additional output
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Fig. 2.6: Dual-active bridge battery charger
filter inductor. The full-wave version is more common in battery charging applications due
to the higher peak-power rating of the full-wave rectifier and obsolescence of the output filter
inductor. These converters are capable of higher power delivery than the interleaved boost
converter with lower device voltage and RMS current stresses [26].
Dual-active bridge topologies have been studied in great depth due to their operational
flexibility and the wide range of applications they serve. In [32–35], the dual-active bridge
was applied to the solid-state transformer concept for hybrid-grid/smart-grid applications.
These authors proposed the dual-active bridge as the core converter within a system that
serves as a universal interface between ac and dc grids, solar and wind generation sites,
and battery storage systems. In [36] it was shown that the dual-active bridge topology,
augmented with high voltage silicon carbide semiconductor devices, may be levered in a Level
III battery charging application. Though its applications are wide, the dual-active bridge
suffers from light-load efficiency degradation. Its performance is also highly dependent on
the voltage conversion gain, such that conversion outside of unity gain result in a steep
increase in converter losses. An attempt to address this was made in [37] by applying a
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Fig. 2.7: Totem-pole PFC AC/DC converter
triple phase-shift modulation scheme to overcome the loss of zero-voltage switching under
light load conditions with promising results - showing a 19% increase in converter efficiency
from 68% to 87% under light load. However, the peak efficiency of the dual-active bridge is
limited to 95%.
All battery chargers must interface with an ac power source, either through an ac/dc
converter or in a single-stage battery charger configuration. A common interfacing converter
to perform this job is the totem-pole power factor correction (TP-PFC) boost converter in
Fig. 2.7. The TP-PFC has an edge over traditional diode bridge rectifiers and other boost-
derived PFCs in its reported high efficiency and extremely low part count, utilizing only four
high-frequency semiconductor devices, a boost inductor, and a largely reduced output filter
capacitor. TP-PFCs using wide band gap semiconductor devices such as gallium nitride
or silicon carbide have reported efficiencies as high as 99.5% and near perfect power factor
(>0.98) [38, 39]. The TP-PFC also exhibits low total harmonic distortion (THD) on the
ac line voltage. Though the TP-PFC is an ideal choice in ac/dc topology, it is somewhat
power-limited and requires a complex control scheme to perform the power factor correction
15
Fig. 2.8: Neutral point clamp AC/DC battery charger
and dc-link voltage regulation. It is therefore not suitable as a scalable battery charger alone
and would require an additional dc/dc conversion stage to charge an EV battery bank.
At higher power and voltage levels, the neutral-point clamp (NPC) bidirectional ac/dc
converter has been proposed as the grid-to-battery/charger interface. As can be seen, the
NPC is designed to operate with a 3-phase ac source and employs 24 discrete semiconductor
devices. Like the TP-PFC, the NPC is capable of power factor correction with similar per-
formance and lower per-device losses due to the higher voltage operation. Additionally, the
NPC, through use of a multi-loop control scheme [40], may perform power factor correction
and regulate output current to charge a high voltage battery bank. Though, as one would
guess, the total system efficiency of the NPC is less than a TP-PFC because of its increased




On-board chargers may also be referred to as an integrated battery charger (IBC)
if the charger system utilizes pre-existing components and/or power converters in the drive
train to further reduce system cost and size; by achieving multiple functions with other
essential drive train converter systems. IBCs of several varieties have been analyzed in
prior work. The most commonly reported focus on integrating the electric motor windings
themselves into the charging topology. In [41–44], the motor windings are tapped and used
as boost inductors in conjunction with the traction inverter to comprise a bidirectional boost
battery charger. They demonstrate 3-phase and single-phase connectivity by these means,
but this approach comes at the expense of greatly complicating the electric motor design
and construction. The authors of [45] proposed an on-board charger that integrated the high
voltage battery bank charger with the low voltage auxiliary battery charger to effectively
comprise a three-port converter system that allows flexible connection between both battery
banks and a single-phase charging outlet. However, the primary high voltage topology
consisted of a back-to-back buck-boost converter system with reconfigurable low-voltage and
high-voltage isolated LLC resonant stages for connection to the two battery banks making
this system relatively complex in terms of design and control.
2.2.3 Resonant Converter Topologies
Resonant converters possess many desirable qualities such as low switching loss and
reduced EMI production, both conducted and radiated [26]. Compared to all previously
discussed topologies, resonant converters utilize the natural resonant energy transfer between
frequency-dependent elements (inductors and capacitors) to deliver energy over a power
conversion stage. The use of resonant converters, such as the series resonant converter
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Fig. 2.9: Series resonant converter battery charger
(SRC) and LLC converter, have been extensively studied in previous work [28, 39, 46–48].
For reference, the SRC and LLC converter are shown in Figs. 2.9 and 2.10, respectively.
In [39,46], a SRC was utilized in conjunction with a TP-PFC to realized ¡1kW charging
of a 48V battery bank through the use of frequency modulation, which is a common control
strategy for resonant converters. [47] refers to a design guide for LLC converters in EV
battery charging systems, also using a frequency modulation scheme. Both of these works
outline the traditional frequency modulation method, not to dissimilar from the academic
text in [27], and its use to regulated battery charging current. The frequency modulation
method will be discussed further in Chapter 3 of this work. The work presented in [48]
proposed a pulse-width modulation scheme for the LLC converter to overcome the SRC
and LLC converter’s poor performance under light-load conditions. Though the light load
relative efficiency was significantly increased, the peak LLC converter efficiency was still only
92.5%.
Comparative analysis of the battery charger topologies discussed in this chapter are
provided in Tables 2.2 and 2.3. The comparison shows that most chargers excel in one spe-
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Fig. 2.10: LLC resonant converter battery charger
cific area, none of them really find the general application performance to meet the dynamic
design requirements for future battery charger topologies. Thus, this work proposes an
amalgamation of the LLC converter, with the addition of an input clamp inductor for sym-
metry and zero-voltage switching assistance, and a new fixed-frequency quasi-triple phase
shift modulation scheme. Though the reference to a modulation scheme such as this ap-
pears daunting at first, the approach presented results in a multi-modal operation paradigm
whereby only one of the three phase shift variables is controlled at once to greatly reduce the
controller complexity. Furthermore, the topology presents a decent trade-off between peak
power level, component count, and efficiency to counteract the effects one metric has over
another.
2.3 Resonant Tank Analysis Methods
Before any meaningful conclusions can be reached about the predicted behavior of
resonant converters, a basic tool set for analyzing resonant converters must first be de-
veloped and understood. Resonant converter modeling is intrinsically difficult due to the
oscillating nature of the tank voltages and currents. Traditional techniques, such as state-
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space modeling or circuit averaging, break down when evaluating the resonant tank. It is
therefore necessary to employ techniques specifically suited to resonant circuits, such as the
state-plane trajectory method [49], the fundamental harmonic approximation [27], or brute
forcing solutions to systems of non-linear differential equations [50].
The state-plane trajectory method, as it has been discussed in prior works, provides
a graphical means of representing the state variables of the resonant tank on the state-plane.
This technique has been demonstrated to be accurate, but lacks analytical power in terms of
shear computation. Solving systems of non-linear differential equations is also cumbersome
as it requires intital and/or boundary conditions for each operating condition. Finally,
the fundamental harmonic approximation (FHA) is a straightforward means of obtaining
frequency dependent transfer functions and has had a great deal of success in the world
of resonant converter design. However, as the name suggests, the FHA method negates all
higher-order harmonics of the square wave voltages produced at the terminals of the resonant
Table 2.2: Component Count Comparison of Battery Charger Topologies
Topology FETS Diodes Inductors Capacitors*
Interleaved boost 2 2 2 1
Full-bridge 4 4 1 1
Dual active bridge 8 0 1 1
NPC 12 6 3 2
Totem-Pole PFC 4 0 1 1
Series Resonant 4 4 1 2
LLC Resonant 4 4 2 2
S-LLC 8 0 3 2
* Only capacitors critical to converter operation or output filtering
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Table 2.3: Relative Capabilities of Battery Chargers
Topology Level η Vrange Bidirectional
Control
Complexity
Interleaved boost Lvl 1 -
Full-bridge Lvl 2 -
Dual active bridge Lvl 3
NPC Lvl 3
Totem-Pole PFC Lvl 2
Series Resonant Lvl 1 -
LLC Resonant Lvl 2 -
S-LLC Lvl 2
tank, and thus, does not offer any insight into converter dynamics or the effects higher-order
harmonics have on the converter transfer function.
This work uses an extension of the FHA based on the complete Fourier series ex-
pansion of the terminal voltage waveforms. In doing this, it will be shown that converter
behavior can be described with very precise detail and is easy to implement in computational
software for design purposes. The input impedance of the resonant tank will also be exam-
ined, which will illuminate the inspiration for the multiple operation modes of the S-LLC
converter.
2.3.1 Fourier Series Expansion of Multivariable Square-Wave
Due to the sensitivity of any resonant tank to the frequency content of the driving
voltages or currents at the tank terminals, especially those with more than 2 resonant ele-
ments (LLC, LCC, CLLC, and S-LLC configurations), it is best if all of the harmonic content
of these driving signals are represented and accounted for. This can be done by deriving the
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Fig. 2.11: Dual active bridge based resonant converter topology with generic resonant
tank
Fourier series expansion of the square-wave voltage waveforms that may appear at either the
primary or secondary terminals of the resonant tank.
Consider the switching operation of the primary and secondary side bridges of a dual-
active bridge topology with a resonant tank as shown in Fig. 2.11. In all potential operational
modes, the two active bridges are actuated in such a way that they produce square wave
voltages across the input and output terminals of the resonant tank. Neglecting the effects of
device non-idealities (e.g. on-resistance, parasitics, thermal drift, etc.) and implementation
deficiencies (e.g. loop inductance, planar capacitances, etc.), and assuming small output and
input voltage ripple, the converter circuit therefore reduces to Fig. 2.12.
Here it is shown that the square wave voltages vp(t) and vs(t) may be produced
with an effective duty cycle from 0% − 50%, where 50% duty cycle corresponds to a pulse
duration equal to half the switching period. The effective pulse-width of these square-waves
may be actuated through modulation methods such as pulse-width modulation (PWM) or
phase-shift control. The frequency may also be modulated (FM). Regardless, they have
discrete amplitudes of vp(t) = [+Vi, −Vi, 0] for the primary side or vs(t) = [+Vo, −Vo, 0]
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for the secondary side. Therefore, to grasp the general case that may later be applied more
specifically, a generic waveform must be analyzed (Fig. 2.13).
In this figure, the period of operation is Ts = 2π and the square wave non-zero states
are centered about t = −π2 and t =
π
2 . Methods of modulation that generate waveforms
such as this are using a pulse-centering convention in order to achieve waveform symmetry
when the duty cycle is less than 50%. To account for a multivariable modulation scheme,
Fig. 2.13 applies a generic duty cycle variable to both the primary and secondary voltages
(φp and φs) along with a phase-shift variable (θ). Additionally, these pulses are periodic and
may be deconstructed using the Fourier series expansion.
Consider only the secondary voltage (vs) for a moment. Its rising and falling edges
(tr1, tf1, tr2, and tf2) occur at the following times:
Fig. 2.12: Equivalent circuit of dual active bridge resonant tank with modulated square
wave voltage inputs
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such that the piece-wise linear representation of the waveform is:
vs(t) =

0 , − π < t < −π2 −
φs
2 + θ
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To bring all harmonic content of these square-wave voltages into consideration, they






ak cos (kωst) +
∞∑
k=1
bk sin (kωt) (2.3)
where a0 is the dc component of a signal, ak and bk are the harmonic coefficients, k is the
harmonic number, and ω is the fundamental frequency of the waveform. In the resonant














The additive property of integrals allows (2.4) and (2.5) to be broken up into the sum
of integrals over the spans where vs(t) 6= 0. The bounds of integration are also substituted
for the rising and falling edges given in (2.1) as well as the square-wave values over those
















































Solving for (2.6) and (2.7) through the use of some basic trigonometric identities gives





























The coefficients of the Fourier series are therefore found to be equal in magnitude,
































This expression is bulky and far from reduced. Apply more trigonometric identities

















This result shows that the decomposed modulated square-wave signal’s harmonic






term, which is only non-zero for odd values of k, but sign-alternating between
odd harmonics. This is represented by the re-definition of the harmonic sum variable to be
k = odd as shown in (2.11). A similar expression for the non-phase-shifted waveform of vp(t)
from Fig. 2.13 is found by the same method.
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Fig. 2.14: Fundamental Harmonic Approximation of primary and secondary voltages

















2.3.2 Fundamental Harmonic Analysis
The results of the previous section have given a means to decompose the applied
square-wave voltages to the primary and secondary sides of the resonant tank into its har-
monic components. However, this representation would hardly be practical in a design case
- how would one solve a circuit with this? Thus, the fundamental harmonic approximation
(FHA) has been recommended [27]. The FHA is a simple means of preliminary evalua-
tion of resonant converter topologies. With just a few assumptions, the FHA method has
proven useful as a preliminary analysis attempt for most resonant converters. This method
assumes that the higher-order harmonic content of the applied square-wave voltages applied
to resonant tank are negligible and only the fundamental harmonic of the derived Fourier
series expansion is considered, thus reducing the resonant tank circuit from what is shown
in Fig. 2.12 to that of Fig. 2.14.





















Chapter 3: Symmetrical LLC Converter
The proposed symmetrical LLC (S-LLC) topology is shown in Fig. 3.1. The primary
and secondary full-bridges are comprised of four MOSFET devices (SP1–SP4 and SS1–SS4,
respectively). The resonant tank resembles a standard isolated LLC resonant tank, com-
prised of a series resonant branch (Cr, Lr), an output clamp inductor (Lm), and an isolation
transformer. The addition of an input clamp inductor (Lc) makes the tank symmetrical
and allows for uniform bidirectional power flow. A transformer is used when higher voltage
conversion ratios are necessary or to provide galvanic isolation between the primary and
secondary. Additionally, the resonant inductor (Lr) and the secondary side clamping induc-
tor (Lm) may be designed into the transformer as the leakage inductance and magnetizing
inductance, respectively, to reduce the total part count.
This configuration for the resonant converter with the proposed multi-mode operation
allows for the following objectives to be met within a BEV drivetrain, an example of which
is shown in Fig. 3.2.
1. Battery-to-inverter interface, which exhibits the following desirable qualities:
Fig. 3.1: Proposed Symmetrical LLC Resonant Converter Topology
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Fig. 3.2: Symmetrical LLC resonant converter within an electric vehicle drivetrain
• Wide input voltage range with buck-boost functionality
• Bidirectional power flow for regenerative braking
• Reduced controller complexity and intrinsic load transient resilience due to low
output impedance
2. Integrated battery charging, with additional features:
• Bidirectional power flow for vehicle-to-grid support
• Simple constant-current/constant-voltage (CCCV) control with design room for
pulse charging
3. High efficiency operation with zero-voltage switching achieved across wide load range
3.1 Impedance Analysis
The uniqueness of this particular resonant tank is illustrated by considering the ac
impedance (Zac) of the resonant tank. The ac impedance is found by shorting all independent
voltage sources except the source that will act as the control source. Because both the
primary and secondary bridges are active, the primary and secondary sides of the tank are
both fed by independent voltage sources, so the ac impedance must be found by considering
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only one side at a time. Finding the ac impedance, as seen from the primary side, requires
shorting the secondary and performing and ac sweep of an input voltage source (vac) as
shown in Fig. 3.3.
The results of this analysis yield a frequency-dependent plot of the input impedance
of the tank Fig. 3.4 and reveals that the resonant tank has two resonant frequencies; one
resonant frequency that reduces the tank impedance to zero (fLZ), and another resonant
frequency that drives the tank impedance to infinity (fHZ). The solution for these resonant
frequencies may be found by calculating the effective impedance of the tank as seen by the
















+ jω (Lr + Lc)
(3.1)
Equation (3.1) gives a simple means of finding the low- and high-impedance resonant fre-











Cr (Lr + Lc)
(3.3)
Fig. 3.3: Input Impedance Analysis of Resonant Tank
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Fig. 3.4: Input Impedance Analysis of Resonant Tank
Equations (3.2)-(3.3) are the solutions to (3.1) when ac impedance analysis is per-
formed on the primary side of the resonant tank. The low-impedance frequency is depen-
dent on Lr and Cr, similar to that of a series resonant converter and is unchanged when ac
impedance analysis is performed from the perspective of the secondary side. This is not,
however, the case for the high-impedance frequency, which is dependent on the series ele-
ments and the primary-side clamp inductor Lc when viewed from the primary. When ac
impedance analysis is performed on the secondary, an expression for fHZ is found to depend





Cr (Lr + Lm)
(3.4)
These resonant frequencies will be leveraged in the development of novel modulation
and control schemes later in this chapter.
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3.2 Modulation Methods
Resonant converters have traditionally been applied using frequency modulation (FM)
methods. However, pulse-width and phase-shift modulation may also be employed to achieve
output voltage regulation. This section will review the potential modulation schemes for the
S-LLC converter and highlight the benefits and short-comings of each method.
3.2.1 Frequency Modulation
Frequency modulation has been a staple control method of resonant and quasi-
resonant converters for many years [26,27,51] and should be considered as a possible means
of achieving converter output regulation of the S-LLC. The underlying concept behind FM
is illuminated by considering the S-LLC resonant tank, which is comprised of frequency-
dependent circuit elements. As is the case, the impedance of these elements change with
excitation frequency, and thus, present a varying input impedance.
The voltage conversion ratios of the series resonant and parallel resonant converter
have been derived in [27] and for the LLC resonant converter in [52], where both authors
utilize the ac equivalent circuit of the resonant tank. The ac equivalent circuit of any resonant
converter may be constructed with the following assumptions:
1. square-wave input voltage supplied by primary side bridge may be represented by an
ac voltage source
2. resonant tank elements are ideal and present zero losses
3. the resonant tank is loaded by some linearly-scaled representation of the output load
Under these assumptions, the ac equivalent circuit of the S-LLC may be constructed
as shown in Fig. 3.5. The input and primary-reflected output voltage (vi(s) and vo(s)) are
represented in the Laplace domain for ease of analysis and Re is the equivalent load seen by
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Fig. 3.5: AC equivalent circuit of S-LLC resonant converter topology as seen from the
primary






The transfer function H(s) of the converter can then be found by solving the voltage
divider equation,
H (s) = vo (s)
nvi (s)
= (Re ‖ sLm)1
sCr
+ sLr + (Re ‖ sLm)
(3.6)
which simplifies to














is the ratio of the equivalent load with the clamp inductance, ωH =
1√
Cr (Lr + Lm)
is the resonant frequency of the series elements with the output clamp in-
ductance (the high impedance frequency derived in the previous section), and ωL =
1√
LrCr
is the series resonant frequency of Cr and Lr (the low impedance frequency derived in the
previous section). As it is represented in (3.7), it appears to share the same transfer function
as that of the LLC resonant converter. Examination of the bode plot of this transfer function
34
further reinforces this in Fig. 3.6. The voltage conversion ratio (M) is found by converting
the transfer function from (3.7) to the frequency domain (H(jωs)) and taking the magnitude
of that frequency domain function. This yields the voltage conversion ratio of the S-LLC as
a function of the angular switching frequency (ωs).
M = |H(jωs)| =
ω2s Cr Lm√
(1− F 2H )2 + ω2s X2e (1− F 2L )2
(3.8)
In (3.8), FH =
ωs
ωH
is the ratio of the switching frequency to the high impedance
resonant frequency and FL =
ωs
ωL
. This demonstrates that the maximum voltage conversion
ratio lies between the high impedance and low impedance resonant frequencies for any given
load value. As the load value increases, the effects of the low impedance dominates the
denominator of (3.8) and maximum voltage conversion ratio converges to unity. However,
for light load conditions, the high impedance resonance presents itself more prominently
when the converter is operated at, or near, that frequency. Frequency modulation is an
effective and simple method of control, but is notoriously inefficient for wide input voltage
ranges and wide load ranges.
3.2.2 PWM Control
Pulse-width modulation control of a series resonant converter has been investigated
in [53] and the LLC converter in [48], wherein both authors examined the voltage conversion
ratio under fixed-frequency PWM control. Both are relevant to this work because it has been
demonstrated that the S-LLC resonant converter exhibits properties of both the series reso-
nant converter and LLC converter subject to the load conditions and operating frequency of
converter. Additional attention was paid to the switching loss of the series resonant converter
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Fig. 3.6: Transfer function magnitude plot of S-LLLC converter with frequency modula-
tion
by defining boundary conditions for discontinuous conduction mode operation. Further, the
analysis of the LLC converter showed that zero voltage and zero current switching (ZVS
and ZCS respectively) could be achieved through regulation of the duty cycle and use of the
linear characteristics of the magnetizing inductance.
Pulse-width modulation control of the S-LLC converter, specifically, has been investi-
gated in [50], and is similar to that of [48], but goes into more detail by deriving the voltage
converter ratio through waveform analysis. The analysis that follows in this section will
demonstrate a more straightforward means of obtaining the voltage conversion ratio of the
S-LLC converter using the FHA techniques outlined in previous sections of this dissertation.
Recall Fig. 2.13, which was used an as example to derive the FHA of centered square
waveforms with a pulse-width less than 50%. It was shown that the amplitude of the input
and output fundamental harmonic voltages are dependent on the effective pulse-width. The
expressions (2.13) and (2.14) were derived for the arbitrary pulse-width scalars φp and φs.
Now consider a PWM control scheme implemented for the two controlled bridges of the S-
LLC converter where the primary and secondary bridges are operated with duty cycles Dpri
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Fig. 3.7: Centered PWM control signals and resulting primary and secondary side applied
voltages
and Dsec respectively. These duty cycles are < 50% for all operating modes and the high-
side switches receive a turn-on gate signal for DTs time and the low-side switches receive a
turn-on gate signal for (1 − D)Ts time with both phase legs being 180° out of phase with
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one another. The resulting waveforms are shown in Fig. 3.7, where the square wave voltages
produced by the PWM are overlaid with their respective fundamental harmonic.
The FHA may be made for PWM control by substituting Dpri and Dsec for φp and
φs from (2.14) and (2.13) respectively. For any given switching frequency, the solutions for










For PWM control, the switching frequency is fixed and the choice of frequency is up
to the designer. For any choice in switching frequency, the voltage conversion ratio becomes
a combination of the results from the previous section and the effective amplitudes of the
FHA of vp(t) and vs(t). One very interesting result appears when the converter is operated
at the series resonant, low-impedance frequency fLZ , at which point the impedance of the
series resonant branch comprised of Lr and Cr becomes 0. With the series branch effectively













This result shows that the S-LLC converter voltage conversion ratio is independent
of switching frequency when fixed at the low-impedance resonant frequency. The coupling of
the input and output of the resonant tank results in a direct equality between vp(t) and vs(t)
and gives a voltage conversion ratio that is dependent only on the primary and secondary side
duty cycles. Further, the voltage conversion ratio exhibits both step-down (buck) and step-
up (boost) properties because independently controllable variables exist in the numerator
and denominator per (3.12).
3.2.3 PWM + Phase Shift Control
Consider now the use of a third control variable to coincide with the previously
discussed PWM control; phase shift (PS) between the primary and secondary bridges may
also be employed. Refer to Fig. 3.8 for this discussion. As it is shown, the secondary side
bridge is shifted by some angle θ with respects to the primary bridges centered convention.
The center of the secondary side square wave is now at Tcenter instead of
Ts
4 as the center





sin(πDsec) sin(ωst− θ) (3.13)
To find the transfer characteristics of the S-LLC converter when operated with a














Fig. 3.8: Centered PWM+PS control signals and resulting primary and secondary side
applied voltages
Recall the FHA equivalent circuit from Fig. 2.14. With fs = fHZ , solving for the input and















This result is interesting because it shows that the input and output currents are
completely decoupled from one another and are dependent only on the opposing terminal
voltages (e.g. primary current is dependent on secondary voltage and vice versa). This gives
way to a means for finding the input and output power of the resonant tank using (3.14),
(3.15), (3.16), and (3.17). Assuming an ideal converter and that Lm = Lc, the input and
output power is equal.





sin(πDpri) sin(πDsec) sin(θ) (3.18)
Equation (3.18) infers bidirectional power flow, and it is proposed that θ be set to













sin(πDpri) sin(πDsec) if θ = −90°
(3.19)
where ωs = ωHZ .
The analysis presented above shows that the S-LLC converter is capable of two differ-
ent modes of voltage/power transfer. At the low-impedance frequency, using a PWM control
scheme, the resonant tank is transparent and offers direct coupling between the input and
output. At the high-impedance frequency, using a PWM+PS control scheme, the input and
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output are decoupled and offers a more traditional power transfer mechanism, much like a
phase-shifted dual-active bridge [26,33,34].
3.2.4 Triple Phase-Shift Control
With its many virtues, the S-LLC tank operated with PWM or PWM+PS methods
leaves an immediately observable problem in terms of losses. A careful look at Figs. 3.7
and 3.8 show that for any duty cycle value less than 50%, the low-side switches are conducting
longer than the high-side devices, giving an uneven distribution of losses. This bottle-necks
an efficiency oriented design of this converter to account for the maximum losses incurred
by the low-side devices. Thus, a triple phase-shift (TPS) modulation scheme is analyzed.
The groundwork for the analysis of a TPS modulated S-LLC converter in terms of
deriving transfer characteristics has been outlined in previous sections, though some mod-
ifications will need to be made to accommodate the two new control variables. A TPS
scheme requires three different phase-shift control variables, one of which was introduced in
the previous section, θ, the phase-shift between the two bridges pulse-centering convention.
Two new variables are introduced which will effectively replace the duty cycles of the PWM
method and these are the phase-shift variables that represent the phase-shift between the
two phase-legs of the primary (φp) and secondary (φs) bridges themselves. Note that the
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360° . An example of this form of modulation is shown



























sin (ωst− θ) . (3.21)
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From here, finding the voltage conversion ratio when operating at fs = fLZ with








Similarly, when operated at fs = fHZ and θ = [−90°, 90°], the power transfer conver-
















2 ) if θ = −90°
(3.23)
3.3 Proposed Fixed-Frequency + Triple Phase-Shift Modulation
As it has been shown, several modulation methods exist for resonant converters.
Some are intended for voltage regulation applications. Of these, frequency modulation (FM)
is the most common, but suffers from poor efficiency in wide input voltage range applications
and complicates electromagnetic interference mitigation design efforts [26]. Fixed-frequency
operation with pulse-width modulation (PWM) for the S-LLC converter was presented in
Fig. 3.10: Equivalent circuit of symmetrical LLLC resonant tank driven by two active
bridges
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[50], but was referred to as a bidirectional series resonant converter because it only considered
operation at the series resonant frequency. However, [50] does not discuss how the converter
may be used as a battery charge controller.
Other resonant converter topologies, with their own unique modulation schemes, are
intended for power flow or load current control. The CLLC resonant topology was studied
in [54] and [55] where pulse frequency modulation and triple phase-shift (TPS) modulation
was used respectively to manage battery charging and discharging by directly regulating the
power sourced from, or delivered to, the battery. The proposed modulation method in this
work is an amalgamation of the fixed-frequency PWM and TPS modulation approaches and
leverages the multiple resonant frequencies of the S-LLC resonant tank.
The resonant tank is driven by two active bridges operating at a fixed switching
frequency (fs) which produce modulated square-wave voltages vp(t) and vs(t) at its primary
and secondary terminals, respectively. The effective pulse-widths of vp(t) and vs(t) are
controlled using the primary bridge phase shift (φp), secondary bridge phase shift (φs), and
phase shift between the two bridges (θ). Fig. 3.11 illustrates this modulation scheme and its
effects on the primary and secondary resonant tank driving voltages.
The fundamental harmonic approximation is a common method for deriving transfer
characteristics of resonant converter topologies, in which the Fourier series expansion of the
input/output square wave voltages produced by the switching action of the active bridges is
derived. The resulting square-wave voltages decomposes into their Fourier series harmonic
components and the tank may be analyzed in the frequency domain using the equivalent
circuit shown in Fig. 3.10. Here, vp(t) and vs(t) can be expressed as functions of time and
harmonic, as recalled from (2.11) and (2.12):
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Fig. 3.11: Modulation waveforms of fixed-frequency triple phase-shift operation with pe-
































sin (kωst− kθ) (3.25)
Here, k is the harmonic number and ωs=2πfs is the angular switching frequency.
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3.4 Converter Transfer Characteristics [1]
The proceeding analysis is derived from the submitted publication [1], and will use
(3.24) and (3.25) to examine three operational modes for the fixed-frequency triple phase-
shift modulation scheme as shown in Table 3.1. For each of these three operating modes
only one variable is controlled at a time, thus simplifying dynamic controller design efforts.
Operating modes include a bidirectional buck-boost voltage regulation mode (Case 1) and
two bidirectional power flow regulation modes (Cases 2 and 3) which allow for battery
charging current regulation. Ideal semiconductor and resonant tank circuit elements are
assumed such that the semiconductors are lossless and each reactive circuit element presents a
harmonic-dependent ac impedance. Therefore, inductive impedances (Zind,k) and capacitive
impedances (Zcap,k) may be calculated for each harmonic considered as:







3.4.1 Case 1: Voltage Regulation (fs = fLZ)
Deriving voltage transfer characteristics of traditional FM resonant converters would
typically use the fundamental harmonic approximation (FHA) [27] - whereby only the first
harmonic (k = 1) is considered. The FHA is only valid if a high quality factor (Q) is as-
sumed, which is based on the relationship between the series resonant branch’s characteristic
impedance(Zo) and equivalent load as seen by the resonant tank (Re).
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fs = fLZ θ = 0








0 ≤ φs ≤ π
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fHZ ≤ fs < fLZ
θ = −π2 φp = φs = [0, π]






0 ≤ θ ≤ +π2 φp = φs = π
Reverse −π2 ≤ θ ≤ 0
* Forward = power flow from primary to secondary bridge. Reverse = power flow from sec-









However, with fixed-frequency operation at fLZ this relationship may be neglected
due to the net zero impedance of the series resonant branch (Zr).







Fig. 3.12: Normalized voltage conversion characteristic of Case 1 voltage regulation oper-
ation (fs = fLZ) showing buck and boost capabilities.
Referring again to Fig. 3.10, the input and output of the S-LLC resonant tank are
directly coupled due to the net zero impedance of the series resonant branch at fLZ , and
thus, a direct input-to-output transfer function is derived for k = 1 using (3.24) and (3.25)
with φp and φs as the controlled variables and for all other variables fixed at fs = fLZ and
θ = 0. The resulting normalized voltage conversion ratio (M) is shown in Fig. 3.12.














Considering (3.31), it is shown that buck and boost modes of operation may be
achieved by modulating φp and φs (refer to Table 3.1). Additionally, due to the direct
coupling of the input and output, the output impedance of the converter is ideally zero
[56,57], and thus, intrinsically immune to load transients.
3.4.2 Cases 2 & 3: Power Regulation (fs 6= fLZ)
The transfer characteristic of the S-LLC converter is less forthcoming when operated
at a fixed frequency such that fs 6= fLZ , which necessarily includes the frequency band
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limitations in Cases 2 and 3 of Table 3.1. A generalized expression is sought which accounts
for all harmonic content and for the effects all three phase shift variables (φp, φs, and θ)
have on the derived transfer characteristic, and thus, the Fourier series expressions of (3.24)
and (3.25) must first be converted into exponential harmonic coefficients.
Vp,k = Vpm (3.32)






























Therefore, the clamp (Ic,k) and magnetizing (Im,k) inductance currents’ coefficients,



































Keeping the sign convention established in Fig. 3.10, the input and output current
harmonic coeffiecients (Ip,k and Is,k) are:





Because sinusoidal voltages of different frequencies do not produce any average power,
the input and output complex power may be found by taking the sum of the harmonic
products. Due to the symmetry of the S-LLC resonant tank and the conservation of energy,
the primary-side power must be equal and opposite of the secondary-side power. Therefore,
only the primary-side power is analyzed further.








































Fig. 3.13: Case 2 power flow plot sweeping φp = φs = φ from 0 to π for varying angular
switching frequencies (ωHZ ≤ ωs < ωLZ).


















Referring again to Table 3.1, for Case 2 it is proposed that φp = φs = φ be the single






(for forward and reverse power flow, respectively). In
Case 3 it is proposed that θ be the single control variable, and that φp = φs = π. As with
Case 2, Case 3 controls power flow bidirectionally using the sign of θ such that a positive
valued θ drives power forward, while a negative valued θ reverses power flow back to the
primary. A switching frequency must still be selected for both cases, however.
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Fig. 3.14: Case 3 power flow plot sweeping θ from −π2 to
π
2 for varying angular switching
frequencies (ωs > ωLZ) and φp = φs = π.
A sampling of power transfer curves are calculated for Cases 2 and 3 using (3.47) for
the prototype circuit element values Lr = 80µH, Cr = 32nF , and Lc = Lm = 1mH and
plotted in Figs. 3.13 and 3.14, respectively, for a range of switching frequencies. Fig. 3.13
shows the direction of power flow can be dictated by setting θ = −π2 (forward mode) or θ =
π
2
(reverse mode) while the magnitude of the power throughput is regulated by modulating
φp = φs = φ. Similarly, Fig. 3.14 shows the opposite; that for fixed φp = φs = π the power
flow magnitude may be regulated by modulating θ and the direction of power flow is dictated
by the sign of θ such that sgn(θ) = 1 (forward mode) and sgn(θ) = −1 (reverse mode).
Figs. 3.13 and 3.14 both indicate that selecting a switching frequency approaching fLZ itself
results in rapidly increasing peak power flow and must be avoided. Fig. 3.13 also shows that
for switching frequencies approaching 13ωLZ the power transfer curve becomes distorted and
may even cross the zero boundary. This is due to the 3rd harmonic component of the square
wave voltages vp(t) and vs(t) driving the resonant tank, being opposite in sign from the 1st
harmonic, exciting the low impedance resonance and creating virtual shorts within in the
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tank (e.g. fs = 13fLZ results in 3rd harmonic ≈ fLZ). This must be remembered if designed
values of the resonant tank elements that results in a fHZ ≤ 13fLZ .
3.5 Controller Design Implications
It is claimed that for Case 1 (operation at the low-impedance resonant frequency) the
effective output impedance is zero and that this property may greatly simplify the controller
design for the S-LLC converter. The output impedance (Zout(s)) as seen by the secondary
side of the S-LLC converter is a function of the Laplace variable (s) and, as it is represented








where v̂s(s) is the small-signal variable for the output dc voltage on the secondary, îload(s) is
the small-signal variable for the load current on the secondary, d̂(s) is the small-signal control
variable(s), and v̂p(s) is the small-signal variable for the primary-side source voltage. Note
that the output impedance is derived only to show the effects the load current transient
affects the output voltage transient and that the small-signal control variable and input
voltage are negated.
As shown in (3.48), the output impedance has a direct effect on the small-signal
response. To support this, consider the S-LLC converter as it is shown in Fig. 3.1 - the output
impedance is essentially, neglecting the minimal effects the parasitics in the primary and
secondary active bridge devices have on the aggregate small-signal impedance, a reflection
of the resonant tank impedance. Therefore, due to the low-impedance coupling between the
input and output through the series resonant branch, the output impedance is effectively zero.
This is a critical observation when it comes to controller design as the dynamic controller
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is usually coordinated around mitigating the effects of load transients on the regulated dc
bus itself. Therefore, for Case 1 operation at the low-impedance resonant frequency, the
controller design may be greatly simplified and steady-state error tracking may be enacted
with a simple PI controller.
For Cases 2 and 3, where the S-LLC converter is operating in power regulation mode
to charge a battery bank, controller dynamics are not a critical design consideration. The
battery and the source are both stiff and do not require anything more than a zero-error
tracking controller and a charging profile or charging algorithm to follow. Again, the con-
troller design is straightforward and does not require any extensive dynamic controller design
methodology.
3.6 Resonant Element RMS Stresses
Device stresses must be measured carefully to guarantee the continuous operation of
the converter over all modes of operation. Therefore, the stressing voltages and currents of
each resonant tank element must be derived. A generic expression of the RMS voltage or
current for any resonant tank element is given below according to the linear relationship
demonstrated in [58], such that for any signal with Fourier series coefficients (Xk), there
exists a reduced-form expression for that signal’s RMS value (XRMS). This is applied in the






3.6.1 Case 1: Voltage Regulation Mode













Recall that for fs = fLZ the series resonant branch presents an effective zero impedance
and the input and output bridges are directly coupled. Assuming also that the bridges are
lossless, the resonant branch RMS current must necessarily be equal to the load current
scaled by the turns ratio plus the current sunk by either clamp inductor, which is put in





Because the considered case operates at fs = fLZ and the higher order harmonics may
be ignored due to the negation of the quality factor problem with FM resonant converters,
the FHA method (k = 1) used to reflect the effect load onto the tank (Re), as demonstrated
in [27], is used. This expression is given in terms of load power demand and desired output
voltage to better fit an electric vehicle application.
Similar to the clamp and magnetizing inductance currents, the voltages sustained
across their terminals simply the driving voltages applied at the input and output of the
resonant tank:














Then the voltage stress on the series resonant elements Lr and Cr. Because Ir,RMS is
not a function of frequency, and the magnitudes of Lr and Cr are equal to their characteristic
impedance (Zo) the RMS voltages of these elements are simply:
VLr,RMS = VCr,RMS = ZoIr,RMS (3.55)
3.6.2 Cases 2 & 3: Power Regulation Mode
The clamp and magnetizing inductance RMS voltages and currents do not change
from voltage regulation mode to power regulation mode, nor do the RMS voltages across
their windings, because they are only dependent on the phase-leg phase shift and input and
output voltage magnitudes. However the series resonant branch current is a function of the
phase shift variables and switching frequency. Therefore, its RMS value may be found in the






The last consideration is the voltage stress on the series resonant branch elements,
which is defined as the dot product of the series resonant branch sum of RMS phasor currents

















Modular converter systems are not unheard of and are often leveraged to create higher
power systems out of basic power electronic building blocks. Vicor Corporation and Synqor,
Inc. are power module companies who specialize in the development of modular power
converter systems constructed out of power brick modules. One such offering from Vicor is
based on the so-called sine-amplitude converter (SAC). The SAC is a frequency-locked series
resonant converter that is locked to the low-impedance resonant frequency through the use
of a magnetic coupled pseudo phase-locked loop [56,57]. These converter modules show that
for resonant converters with series resonant branches may share power between themselves
to effectively increase the total power handling capability of the larger conversion system.
This is illustrated in Fig. 3.15, where four isolated DC-DC converter modules are stacked in
parallel.
The offerings from Vicor and Synqor that are modular in this way have one pitfall,
they are non-regulated. The conversion ratio of each converter module is fixed by the turns
ratio of their respective internal transformers. This is reminiscent of the operation of the
S-LLC converter for Case 1 described in the previous sections. The proceeding work seeks
to demonstrate the S-LLC in a similar configuration (shown in Fig. 3.16), but also proposes
that similar functionality may be achieved for Cases 2 and 3 as well. The justification for
this is found in 3.43, that each converter module is capped in total power transfer capability.
This suggests that modular operation of the S-LLC in Cases 2 and 3 would not exhibit power
imbalance between each unit, but would be a function of variations within the resonant tank
elements themselves.
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Fig. 3.15: Vicor SAC converter modules in parallel configuration to increase system
power handling by 4x [3]
Fig. 3.16: Parallel configuration of n S-LLC converters to increase power throughput ca-
pability
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Fig. 3.17: Parallel configuration of n S-LLC converters with master PID controller to reg-
ulate output voltage and/or power delivery for Cases 1-3
It will further be shown through simulation that a simple master controller may be
utilized to control an entire stack of S-LLC converters and regulate either output voltage
or power transfer. A similar approach has been taken by Vicor through the use of what is
coined as Factorized Power Conversion, whereby individual components of a power converter
system are broken into their individual sub-blocks (e.g. controller, power stage, isolators,
etc.) and are offered as configurable components for end-use designers. An example of and
adaptation of this method for use with the S-LLC converter is shown in Fig. 3.17.
3.8 S-LLC Design Case
To test the veracity of the derivation outlined in the previous section, a design case
must be presented and experimentally validated. Recall the key objectives to be met by a
single S-LLC converter implementation within the context of an electric vehicle drive-train.
• Objective 1: Battery-to-inverter voltage regulation (Case 1 application)
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Fig. 3.18: Transphorm TDTTP2500P100 2.5kW totem-pole based PFC using GaN semi-
conductor devices [4]
• Objective 2: Grid-to-battery charging presuming a functional PFC unit is in place
(Case 2 and/or 3 application)
The scaled prototype would suite an application which included a 400V battery bank
(+/-20% to account for battery SOC) with a a 400V ideal dc-link to feed an EV traction
inverter. The scaled prototype is designed for 2kW peak power processing. Additionally,
through the use of the wide-bandgap semiconductor material silicon carbide, a relatively
high switching frequency is desired. Further, for integrated battery charging, it is assumed
that a PFC converter is used to rectify a single-phase ac source; the parameters of which
are defined by an offering from Transphorm (TDTTP2500P100 2.5kW PFC) based on the
totem-pole topology using gallium nitride devices (shown in Fig. 3.18).
The compiled target operational parameters are given in Table 3.2.
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Table 3.2: Prototype Target Specifications
Parameter Value





vLr,RMS & vCr,RMS max < 400V @ 100kHz
ic,RMS & im,RMS max < 10% ir,RMS @ 100kHz
3.8.1 Resonant Tank Element Calculation
The selection of the resonant tank elements uses the analysis from earlier in this
chapter and follows these steps:
1. Select fLZ
2. Calculate characteristic impedance to minimize peak RMS voltages across Lr and Cr
at fLZ
3. Calcualte Lc and Lm based on the procedure laid out in [50] to ensure ZVS across full
load range
The desired low-impedance resonant frequency has already been selected, according to
Table 3.2, to be 100kHz. The characteristic impedance is calculated using the RMS voltage
constraint imposed on the series resonant elements along with the clamp inductor current









where κ = ic,RMS
ir,RMS
, which is k = 0.1 given the specifications in Table 3.2. The result of (3.59)
gives Zo ≤ 57.6Ω, which lies at the boundary of the inequality condition given, so Zo is
rounded down to 50Ω to give headroom to the design. Next the expressions for Zo and fLZ
(given by (3.29) and (3.2), respectively) must be solved simultaneously to extract values for
Lr and Cr. Performing this calculation yields Lr = 79.6µH and Cr = 31.8nF .
The clamp inductors Lc and Lm must be calculated next, and for the purpose of
this design will be equal in value to maintain symmetry. The clamp inductor RMS currents
(ic,RMS and im,RMS) are specified to be less than 10% of the series resonant current for











where the fundamental term of vp,RMS =
4Vp
π
. The result of (3.60) is Lc = Lm = 1015µH.
3.8.2 Power Mode Operating Point Selection
The switching frequency for the power regulation modes of Cases 2 and 3 must still
be selected. It is anticipated for Case 2 that switching frequencies near 13fLZ may result
in undesirable low-impedance resonance due to higher order harmonics exciting frequencies
near fLZ . The effects of this are shown in Fig. 3.13. Fixed frequency operation near fHZ is
also undesirable due to these effects and a different switching frequency must be selected.
According to the calculation illustrated in Fig. 3.13, fs = 0.5fLZ for Case 2 operation strikes
a balance between mitigating harmonic resonance with the low-impedance frequency and
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Lc = Lm 1000µH
fLZ 100 kHz
fHZ 27.7 kHz
Case 1 - fs 100 kHz
Case 2 - fs 50 kHz
Case 3 - fs 175 kHz
operation so close to the low-impedance frequency that the fundamental harmonic drives an
effective short circuit.
Selection of the switching frequency of Case 3 is now considered. Examination of
Fig. 3.14 shows that, again, as the switching frequency approaches the low-impedance res-
onant frequency the larger the power transferred from primary to secondary. In this case,
a balance must be made between excessively high switching frequencies and mitigating the
effects the low-impedance resonance has on the operation of the converter. Considering
Fig. 3.14, to achieve a similar peak power capability, fs = 1.75fLZ is selected.
The results of this analysis has given the final resonant tank component values and
the resulting power transfer curves have been calculated and validated through simulation.
The selected operating frequencies for Cases 2 and 3 and the final resonant tank designed
values are given in Table 3.3.
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Fig. 3.19: Simulation schematic for Case 1 operation mode of S-LLC converter
3.8.3 Simulation Validation
Simulations of the S-LLC converter and its proposed operational modes were per-
formed using Plexim PLECS simulation software [59]. The simulation profile for Case 1 is
shown in Fig. 3.19 where no θ phase shift is applied to the gate drive signals to the bridge
MOSFETs. Instead, only the bridge phase shifts φp and φs are modulated.
The PLECS simulation profile used for Cases 2 and 3 is shown in Fig. 3.20. Here there
is applied a phase shift to the gate drive signals to synthesize the θ variable. Intra-bridge
phase shift variables φp and φs are also controllable to cover both cases.
Fig. 3.20: Simulation schematic for Cases 2 and 3 operational modes of S-LLC converter
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Fig. 3.21: Simulated waveforms of the forward buck mode of operation for Case 1 with
fs = fLZ , θ = 0, φp < (φs = π). Vp = 480V , Vs = 400V , and load power is 1000W.
3.8.4 Case 1: Voltage Regulation
Case 1 is presented as a voltage regulation mode of operation with both buck and
boost capabilities. The symmetry of the resonant tank also allows for forward and reverse
conduction modes whereby power flow is bidirectional. The tank voltages and currents are
extracted from the simulation of the converter with a 1kW load for the buck-forward, boost-
forward, buck-reverse, and boost-reverse operational modes and are illustrated in Figs. 3.21
to 3.24, respectively, using the prototype circuit element values Lr = 80µH, Cr = 32nF ,
and Lc = Lm = 1mH.
3.8.5 Case 2: Power Regulation
Waveforms for Case 2 in the forward and reverse conduction mode are given in
Figs. 3.25 and 3.26 for the same circuit element values as Case 1. Note that for Case 2
θ is fixed at −π2 for forward power flow or
π
2 for reverse power flow. In contrast φp and φs
are equal and synchronously modulated to regulate the power flow magnitude from primary
to secondary. Additionally, the mathematical expression for the power flow magnitude in
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Fig. 3.22: Simulated waveforms of the forward boost mode of operation for Case 1 with
fs = fLZ , θ = 0, φs < (φp = π). Vp = 320V , Vs = 400V , and load power is 1000W.
Fig. 3.23: Simulated waveforms of the reverse buck mode of operation for Case 1 with
fs = fLZ , θ = 0, φs < (φp = π). Vp = 400V , Vs = 480V , and load power is 1000W.
(3.47) is validated by comparing Fig. 3.13 to Fig. 3.27. The derivation matches exactly with
the simulation results.
3.8.6 Case 3: Power Regulation
Waveforms for Case 3 in the forward conduction mode are given in Fig. 3.28. Fig. 3.28
shows that φp = φs = π and θ is modulated to control the flow of power from primary
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Fig. 3.24: Simulated waveforms of the reverse boost mode of operation for Case 1 with
fs = fLZ , θ = 0, φp < (φs = π). Vp = 400V , Vs = 320V , and load power is 1000W.
Fig. 3.25: Simulated waveforms of the forward power flow mode of operation for Case 2
with fs = 0.5fLZ , θ = −π2 for forward power flow, and φp = φs = 135° - resulting in
Pp = 1500W
to secondary. Comparing the waveforms of Fig. 3.25 and Fig. 3.28, differences between
between ir(t) and vLr(t) are observed. These variations are due to the frequency dependent
tank elements given that the simulated waveforms were produced at 0.5fLZ and 1.75fLZ ,
respectively. Additionally, for Case 2, modulation of φp and φs produced more primary and
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Fig. 3.26: Simulated waveforms of the reverse power flow mode of operation for Case 2
with fs = 0.5fLZ , θ = π2 for forward power flow, and φp = φs = 135° - resulting in Pp =
−1500W
Fig. 3.27: Simulation results for Case 2 power regulation mode. θ is fixed at −π2 for for-
ward power flow and φp = φs is swept from 0 to π over a span of 10ms simulation time for
several switching frequencies
secondary voltage steps, therefore creating a more dynamic resonant tank current and series
resonant inductor voltage. The reverse power flow case for Case 3 is also shown in Fig. 3.29.
In Fig. 3.30, the power transfer expression derived in (3.47) is validated for Case
3. Comparing the power transfer curves of Fig. 3.14 to the analytical results of Fig. 3.30
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Fig. 3.28: Simulated waveforms of the forward power flow mode of operation for Case 3
with fs = 1.75fLZ , φp = φs = π, and θ = 45° - resulting in Pp = 1500W
Fig. 3.29: Simulated waveforms of the reverse power flow mode of operation for Case 3
with fs = 1.75fLZ , φp = φs = π, and θ = −45° - resulting in Pp = −1500W
demonstrates that the derivations at the beginning of this chapter hold for Cases 1, 2, and
3.
Further, the RMS voltage and current stresses of the resonant tank elements are also
calculated using the method outlined in Section (3.5). Case 1 allows for the use of the FHA,
so these calculations are trivial. Cases 2 and 3, however require the use of multiple harmonics
to extract more exact RMS values under peak operating conditions. These calculations are
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Fig. 3.30: Simulation results for Case 3 power regulation mode. φp = φs = π is a fixed
value and θ is swept from −π to π over a span of 10ms simulation time for several switch-
ing frequencies
Table 3.4: Calculated RMS Device Stresses for 3 Operating Cases
Parameter Case 1 Case 2 Case 3
fs 100 kHz 50 kHz 175 kHz
vLr,RMS 306.5 V 387 V 774 V
vCr,RMS 306.5 V 679 V 240 V
ic,RMS 0.573 A 1.14 A 0.318 A
im,RMS 0.573 A 1.11 A 0.33 A
ir,RMS 6.13 A 7.85 A 8.51 A
performed using a Matlab script and plotted in Figs. 3.31 and 3.32. The maximum RMS
stresses for each element for all three operational cases are shown in Table 3.4.
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Fig. 3.31: Case 2: RMS voltages and currents of the resonant tank elements Lr, Cr, Lc,
and Lm
Fig. 3.32: Case 3: RMS voltages and currents of the resonant tank elements Lr, Cr, Lc,
and Lm
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Chapter 4: Magnetics Design and Design Tool
This chapter addresses the challenges associated with magnetics design in power elec-
tronics systems, but not in an optimization-first environment. University students and pro-
fessionals who design power electronics systems often need to rapidly prototype systems for
early stage design validation or proof of concept purposes. However, the magnetics design
process is often mired in the careful consideration of units and their conversion, the balanc-
ing of multiple describing equations, multiphysics problems, and the limitations of geometry
and available materials.
One approach to designing magnetic elements for power electronics systems is through
the use of simulation software. Tools such as ANSYS, COMSOL, and other multiphysics
software suites provide an environment to construct transformers and inductors in a 3D
environment and perform finite element simulation (FEM) analysis. These simulations may
be conducted in the electrical, magnetic, or thermal domains, but often combine two or
more of these domains to evaluate a design before construction. Examples of this method
and prescribed procedures are illustrated in [60] and [61]. In [60], the design of a planar pot-
core transformer is presented using COMSOL as the evaluation tool for design iteration and
validation. The authors of [61] present a similar design case of a high frequency transformer
using COMSOL. Both of these texts report accurate results that match experimental data.
However, computer-based FEM techniques are notoriously time consuming and require a
certain degree of expertise in the software tools used in order to get meaningful results. This
makes the use of these tools impractical for a rapid prototyping environment.
Optimization and analytic methods are the most prevalent in the literature [32,62–64]
are centered around the optimization of a particular design process or a particular trans-
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former type to produce the best magnetics solution against certain criteria (e.g. thermal
performance, minimal size or profile, lowest cost, etc.). The complexity level associated with
these design considerations are compounded when higher frequency operation is required.
These methods, as stated before, prioritize the optimization of specific design variables over
practicality, but have been shown to produce excellent results when executed. In [32], a
method for optimizing the design of a high-frequency transformer for a dual-active bridge
topology was presented. The method used was largely derived from [27,65–67], which is based
off of a derived figure of merit that incorporates core geometry and peak magnetic flux. [63]
proposes a similar method, but is leveraged against a pulsed power application. Finally, [62]
develops an optimal transformer design tool using Matlab for high-frequency transformer
designs for solid-state transformers in electric power distribution systems. Though effective
for all of these applications, the lack of a generalizable approach to optimum design tech-
niques makes these reports unusable for applications outside of that which was reported. For
example, the tool created by [62] is only effective for designs using C-Type amorphous cores
in a shell or core configuration, which is not applicable to lower power switch-mode power
supply design applications. To derive an optimal design methodology for each application an
engineer may encounter would require up-front effort and time to construct the methodology
and adequate follow-up testing to validate the process. This is not a time saving process to
say the least.
The iterative design process is a loose version of the analytical and optimal design
processes discussed above and require a seasoned engineering, with a well-developed intuition
surrounding magnetic component design, to produce acceptable results. The obvious issue
is that these results are entirely dependent on the engineer who is performing the analysis
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and design. However, with a computational design tool that iterates the design calculations
for the design engineer, the iterative process presents the best time-saving value.
4.1 Objective
In a design environment that requires quick turnaround time for magnetic element
design, the iterative process has been identified as the best choice. Thus, this work presents
a tool developed by the author that expedites this process. The resulting tool is a GUI-based
transformer and inductor design program that incorporates all of the analytical power of the
optimal design process with the intuition-dependent iterative process for real-time feedback
of design input variables. Additionally, this tool sources actual material and core geometry
data to ensure that designs are construct-able. The program is constructed using the Python
programming language with a Microsoft Excel database that is easy to update and modify.
The program meets the following objectives:
• Real-time feedback of design input variables
• Produces realistic designs based on available core geometries, magnetic materials, and
core windings
• Incorporates key design consideration parameters, either as inputs or outputs of the
program (e.g. thermal, geometric/physical, electrical, etc.)
• Exports designs in .txt file for easy logging of design builds and resulting performance
4.2 Relationships and Defining Equations
The construction of this tool begins with the gathering of relevant physical and math-
ematical relationships of a magnetic component design. This is covered in the following
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Table 4.1: Magnetic Element Definitions
Variable Definition Unit
Ac Cross-sectional area of windings m2
Ae Effective cross-sectional area of magnetic path m2
AL Inductance factor H/turns
At Surface area of core m2
B Magnetic flux density T
f Excitation frequency Hz
F Fringing flux factor -
H Magnetic field strength A/m
L Inductance H
le Effective magnetic length m∑ le
Ae
Core factor m-1
lg Airgap length m
lm Mean length per turn m
Lk Leakage inductance H
N Number of turns turns
Pfe Core losses W
Pcu Copper losses W
Tamb Ambient temperature °C
Rdc DC resistance Ω
Rac AC resistance Ω
ww Window width m
wh Window height m
clw Magnetic path width m
cd Magnetic path depth m
Kfe Steinmetz core parameter -
α Steinmetz core parameter -
β Steinmetz core parameter -
ct Extended Steinmetz parameter -
ct1 Extended Steinmetz parameter °C-1
ct2 Extended Steinmetz parameter °C-2
δ Insulation thickness m
δac Skin depth m
∆T Temperature rise °C
µ0 Permeability of free space 4π × 10−7 H/m
µr Relative permeability H/m
µi Initial permeability H/m
µe Effective permeability H/m
ρ Resistivity of copper 1.72× 10−8 Ωm
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sections under the banner which best describes the attribute the governing equation(s) are
attributed. But first, some definitions should be stated.
4.2.1 Magnetic Fundamentals
The fundamentals of electromagnetism must first be reviewed before the construction
of the design tool can begin. A magnetic field of a given strength (H) in a closed space
results in a magnetic flux density B given by:
B = µ0H [T] (4.1)
where µ0 = 4π × 10−7 is the permeability of free space. This will come into play later in
discussion regarding the effects of airgaps in closed magnetic loops.
A soft magnetic material’s permeability may be provided by the manufacturer of
the material, but, in the case of ferrite, it is often given as its initial permeability (µi).
The initial permeability is measured in a closed magnetic circuit containing the material of
interest under a very low applied field strength (∆H), in which the incremental magnetic
flux density (∆B) is measured. The initial permeability may be expressed algebraically as







The above equations are built upon in more specific areas of consideration.
4.2.1.1 Inductance Derivation Inclusive of Airgap
Now consider the representative drawing of an E-core type inductor in Fig. 4.1. In
this representative case, the main winding of the inductor is made around the center-post
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Fig. 4.1: Representative drawing of single coil inductor with denoted dimensions and air-
gap
of the magnetic core. Here, the magnetic path width (clw), magnetic path depth (cd), core
height (ch), window width (ww), and window height (wh) are all shown. These geometric
properties will be discussed more later. Attention is drawn to the airgap in the center-post
of the magnetic core where the winding is located with a length of lg. The airgap breaks
the closed magnetic circuit and influences what is called the effective permeability (µe) by





where le is the effective magnetic path length. This is an approximation that only holds
reasonable accuracy for small airgaps. This is due to flux fringing, whereby magnetic flux
lines bend and escape the magnetic loop when conducting through free air in the gap. The
fringing flux factor (F ) can be derived with conformal transformations [68] and is equal to.
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Fig. 4.2: Fringing flux factor and effective permeability of a magnetic core with wh = 29.4
mm, Ae = 255 mm2, le = 100 mm, and µi = 3000 H/m.


















where Ag is the cross sectional area of the airgap. In all cases for the purposes of this work,









The effects of airgap length and the resulting fringing flux factor are shown in Fig. 4.2,
where, for increasing airgap, the effective permeability drops logarithmically.
Another geometric quantity of interest for magnetic cores is the core factor (∑ le
Ae
),
which accounts for all variations in the core’s effective path length and cross-sectional area
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and represents an average of the ratio between the two quantities. Using this quality, the





Finally, the inductance value may be calculated using the number of turns (N) and
the inductance factor given in (4.8).
L = N2AL [H] (4.8)
So it is shown that to obtain a specific inductance, a balance must be struck between
the core geometry, number of windings, and the airgap.
4.2.1.2 Flux Density and Core Losses
The peak flux density within a magnetic core is also a key design variable to balance.
The flux density as originally described in (4.1) is a function of the permeability of the
material the magnetic field is traveling through. This magnetic field is generated by an ac
voltage applied to the winding terminals of a magnetic element and is therefore a function of
the frequency (f) and RMS value (Vrms) of the applied ac voltage. The geometric terms that
also apply include the cross-sectional area of the core and the number of winding turns. The








When constructing a high-frequency magnetic component, the volumetric core losses
(Pv) become non-negligible [67] and are best described by Steinmetz Equation.
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Pv = KfefαBβpeak [kW/m3] (4.10)
where Kfe , α, and β are all material properties given by a manufacturer. These values are
typically derived using experimental data and a curve-fitting method.
However, the Steinmetz Equation does not account for the temperature-dependent
nature of magnetic material itself. Therefore, an additional set of terms may be added to
extend the Steinmetz Equation to include thermal effects, which are derived from a another
curve-fit process and normalized for a core temperature (Tcore) of 100°C [69,70].
Pv = KfefαBβpeak
(
ct − ct1Tcore + ct2T 2core
)
[kW/m3] (4.11)
where ct, ct1, and ct2 are again provided by the manufacturer, or may be derived from
curve-fitting core loss data across temperature.
The total core losses are then expressed as a function of the volumetric core losses in
either (4.10) or (4.12) and the core volume (vc) measured in cm3.
Pfe = Pvvc [mW] (4.12)
4.2.2 Windings
Magnetic element windings are a key element in the design of inductors and transform-
ers. For switch-mode power supply designs, or other high-frequency applications (> 100Hz),
solid-core wire will not suffice. This is due to a phenomenon called ”skin effect”. The skin
effect (δac) occurs due to the high-frequency alternating current generating very small mag-
netic fields within the conductor and causing the conducted electrons to gather near the
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Fig. 4.3: Cross-sections of round conductors illustrates the effects of skin depth on effec-
tive conductor cross-sectional area. Low-frequency ac current evenly distributes electrons
through cross-section of conductor (left), while higher-frequency operation causes the elec-
trons to gather at the boundary edge of the conductor surface (right)
surface of the conductor, as shown in Fig. 4.3. This results in a lower effective conductor
cross-sectional area.





It is because of this phenomenon that a solution besides solid-core wire must be
found. So-called Litz wire is selected for this work due to its ready availability, low cost,
and relatively decent performance. Litz wire is a multi-stranded wire with 10’s - 1000’s of
smaller gauge conductors that comprise a complete wire assembly with an effective cross-
sectional area large enough to conduct the full required current. This is illustrated in Fig. 4.4,
where it can be seen that electrons are evenly distributed throughout the cross-section of
the individual strands of the litz wire. This is compared to the high-frequency operation of
a solid-core conductor from Fig. 4.3 again.
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Fig. 4.4: Comparison of litz wire and solid-core wire for high-frequency operation. Litz
wire (left) shows even electron distribution due to individual strand cross-sectional area
being less than skin depth, compared to higher-frequency operation with solid-core wire
(right)
4.2.2.1 AC Resistance and Copper Losses
Applying (4.13) to the cross-sectional area of the litz wire strands allows for the
derivation of an equivalent winding cross-sectional area:
Aeff = δacπd [m2] (4.14)
where d is the diameter of the litz wire strand. (4.14) is referred to as the Skin Effect model.
This method makes the used cross-sectional area too large for high frequencies around the
point where skin depth becomes half the conductor radius. Another simple method is derived
by calculating the total area of the conductor and then removing the area that represents
the center area, which does not use skin effect [71].
Aeff = πr2 − π(r − δac)2 [m2] (4.15)
where r is the radius of the litz wire strand. Eq. (4.15) is referred to as the Enhanced Skin
Effect model.
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A third method for calculating the effective cross-sectional area is presented in [72],
which uses a truncated exponential decay method to minimize errors introduced in the
approximation when the strand area is less than the skin depth area. It also utilizes a
Lorentzian correction that accounts for the case when the skin depth area is approximately
the conductor area.










1 + 0.272481 (ε1.82938 − ε−0.99457)2
]1.0941 (4.18)
ε = 0.62 r
δac
(4.19)
For the duration of this work, (4.16) is referred to as the Exponential Skin Effect
model. Any of the calculated effective areas described in (4.14), (4.15), or (4.16) may then





where lm is the mean length per turn around the magnetic core, N is the number of turns, ns
is the number of strands in the litz wire conductor, and ρ = 1.72× 10−8 Ωm is the resitivity
of copper. Note that the accuracy of the calculated ac resistance in (4.20) is dependent on
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the skin depth area model selected, with the Skin Depth model being the least accurate and
the Exponential Skin Depth model being the most accurate.
Another condition that must be accounted for is the proximity effect - an electro-
magnetic phenomenon that is primarily observed in high-frequency applications. Again, the
high-frequency ac current within the litz strands generate micro-magnetic fields that inter-
act strand-to-strand and affects the skin depth of a single strand. Just as the skin effect
drives electrons away from the center of a single strand, the winding-to-winding interaction
between does the same - driving the electrons to the outermost windings within a litz wire
conductor bundle. This is illustrated in Fig. 4.5.
The proximity effect further reduces the effective cross-sectional area of the conductor
windings, and thus, affects the ac resistance of the windings. This is studied in [73], where
an expression for the equivalent ac resistance is derived:
R′ac = RF ×Rac [Ω] (4.21)
where Rac is from (4.20). The resistance factor (RF ) is given as:
Fig. 4.5: Proximity effect illustration between two sets of magnetic element windings
grouped in a circle. The non-proximity effect case is shown on the left with equal elec-
tron distribution throughout the windings (assuming no skin effect). On the right is the
proximity effect in action - showing the electron density increasing as one moves from the
















where ml is the number of layers in a winding, and ζ is called the penetration ratio and is a














where da is the litz wire bundle diameter and ds is the individual litz strand diameter - both
are shown in Fig. 4.5.
The Bessel functions ψ1(ζ) and ψ2(ζ) represent the effects the penetration ratio has
on skin effect losses and proximity effect losses respectively. They are approximated in [73]
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(4.26)
To include the proximity effect in the calculations of the equivalent ac resistance
of the magnetic element windings results in an increase in loss prediction accuracy, and is
thus, recommended. Solving for (4.22) and plugging (4.20) into (4.21) allows for the simple
calculation of the ac winding losses.
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Pcu = I2rmsR′ac [W] (4.27)
4.2.3 Thermal
The thermal consideration when designing a magnetic component is more straight
forward as it has been well-studied [62, 64, 75]. The reduced approximation of the core







This result is well-attested to in the sources above and is therefore accepted for the purpose
of amassing all design equations necessary to create this rapid design tool.
4.2.4 Transformer Design for Specific Leakage Inductance
In the design of a high-frequency transformer it is well-known that the effects of
magnetic flux leakage are more pronounced. Many have proposed the use of the leakage
inductance (Lk) created by this flux leakage to be utilized in the design of solid-state trans-
formers to act as the energy storage element between phase-shifted full-bridges [62,64,76,77].
Integrating the energy storage inductance into the transformer (Xfmr) by designing the ge-
ometry of the transformer to give a specific leakage inductance is now common practice.
Additionally, the magnetizing inductance of the transformer may also be designed to a spe-
cific values using the methods outlined in Section 4.2.1.1. To do this for the S-LLC converter
would reduce the total number of magnetic elements required from four discrete components
to two. This is illustrated in Fig. 4.6.
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Designing a transformer to meet a specific leakage inductance criteria is mostly a
function of core and winding geometry [32,62–64,77]. Two winding structures are considered
further in the following sections.
4.2.4.1 Concentric Winding Structure
For an E-type core, which is all that is considered in this work, the concentric winding
structure is one architecture that a magnetics designer may consider. The side view cross
section of this structure is shown in Fig. 4.7. Here the winding layers are arranged such
that they move out from the center post of the magnetic core. This work assumes that the
winding layers are alternated between primary and secondary windings. A tertiary winding
may also be introduced, in which case a single layer would be comprised of one primary,
secondary, and tertiary layer.
4.2.4.2 Pie Winding Structure
The other winding structure considered is the pie winding structure, which arranges
the windings in a top/down configuration. Fig. 4.8 shows this structure in more detail with
Fig. 4.6: S-LLC converter circuit diagram using a transformer (Xfmr) with integrated
leakage inductance (Lk) and magnetizing inductance (Lm) to act as series resonant induc-
tance (Lr) and secondary-side clamp inductance.
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Fig. 4.7: Concentric winding structure for a center-wound E-type magnetic core with
multiple winding layers. δ is the insulation thickness between each layer.
the primary and secondary winding layers interleaving from top to bottom or bottom to top.
The insulation thickness is also of importance as it isolates the windings to mitigate shorting
the windings.
4.2.4.3 Leakage Inductance Calculation
Both the concentric and pie winding structures contribute to the leakage inductance of
a transformer in different ways. Generally, the concentric structure more tightly couples the
magnetic flux fields between the primary and secondary windings and the pie structure is less
so. The method outlined in [78] is followed for this design tool as it gives an approximation
of the leakage inductance based on known core and winding geometric variables. However,
it has the limitation in that it is only accurate for symmetrical winding structures, which is,
again, why the concentric and pie structures are selected for this design tool.
The leakage inductance (Lk) of a transformer is most notably represented as a function
of the Rogowski factor (kσ) and the relative leakage conductance (λ) as given in (4.29).
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Fig. 4.8: Pie winding structure for a center-wound E-type magnetic core with multiple
winding layers. δ is the insulation thickness between each layer.
Lk = µ0N2lmkσ [H] (4.29)
Inclusion of the Rogowski factor and relative leakage inductance, which are both
dependent on geometry and/or the relative interleaving of the windings, are difficult to put
into readily available terms provided by a magnetic core manufacturer or design variables
of interest to the engineer. Therefore, [78] proposed the following expression (4.30) for the
leakage inductance that is only dependent on the aggregate width sums of the winding layers











where ni is the total number of insulating layers between the sub-windings in one window
of the transformer, ∑Xper−LF is the sum of the winding dimensions perpendicular to the




Fig. 4.9: Concentric winding structure with referenced dimensions of sub-windings per-
pendicular to flux leakage (Xper−LF ), dimensions of sub-windings parallel to flux leakage
(Xpar−LF ), and the insulation thickness (δ)
is the sum of the insulating layer thicknesses. [78] reported < 6% error in using (4.30) and
is therefore accepted for the purpose of this work.
Examining Figs. 4.9 and 4.10 shows that the concentric structure has a larger Xpar−LF
than Xper−LF , which, due to the parallel component being in the denominator according to
(4.30), will result in a much lower leakage inductance. Counter to that is the pie structure,
where ∑Xper−LF is larger than Xpar−LF , which leads to a larger leakage inductance. The
relationship between the ratio of the sum of perpendicular dimensions to a single parallel
dimension is shown in Fig. 4.11. This plot shows that for a larger ratio of ∑Xper−LF to
Xpar−LF , the higher the leakage inductance. It also illustrates that for more winding layers,
the lower the leakage inductance. It is concluded that if a design requires a high, specific
leakage inductance, the pie configuration with minimal winding layers is preferred. If a near-
ideal transformer is desired (i.e. minimal leakage inductance), then a concentric winding with
many interleaved windings layers is recommended.
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Fig. 4.10: Pie winding structure with referenced dimensions of sub-windings perpen-
dicular to flux leakage (Xper−LF ), dimensions of sub-windings parallel to flux leakage
(Xpar−LF ), and the insulation thickness (δ)
4.3 Component Repository and Design Tool
For a PC-based design application, a component database must be maintained. For
simplicity and ease of modification, a simple Microsoft Excel database is constructed. This
database includes all magnetic core data and standard litz wire offerings that are readily
available for purchase. This database includes table data with all key component parameters
needed to leverage full breadth of analytic power laid out in previous sections of this chapter.
4.3.1 Magnetic Cores
The tool will pull magnetic core data from the database, but what cores should be
included? There are many ferrite magnetic core suppliers and Ferroxcube is one of the most
widely available and boasts an extensive variety of core types, materials, and sizes. Thus,
Ferroxcube was selected as the base supplier for the magnetic core database. The core shapes
selected are shown in Fig. 4.12.
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Fig. 4.11: Leakage inductance for varying numbers of insulating layers swept across the
ratio of the sum of perpendicular dimensions (Xper−LF ) to a single parallel (Xpar−LF ) such
that the ratio (r = ∑Xper−LF/Xpar−LF ) is normalized for Xpar−LF = 1, N = 1, and
lm = 1m
Geometrical data for each core type in the sizes they are offered is also pulled and
placed in the database. This is a relatively simple task since the geometric data is provided
the datasheet of each core [69]. This is shown through example in Fig. 4.13, where the
dimensions of the core are given along with some essential variables that may be recognized
from the analysis portion of this chapter.
Ferroxcube offers these cores in a variety of ferrite materials as well (e.g. 3C95, 3C96,
3C90, 3F36, etc.) [70]. These materials differ in temperature-dependent loss profiles, initial
permeability (µi), Curie temperature (Tc), saturation flux density (Bsat). An overview of
the base properties of Ferroxcube’s power conversion oriented magnetic materials are given
in Table 4.2, though not all of them are offered in every core shape.
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(a) E Core (b) EC Core (c) EFD Core
(d) ER/ETD Core
(e) EQ Core (f) Planar ER Core (g) PQ Core (h) Planar E Core
Fig. 4.12: Selection of Ferroxcube magnetic core shapes (Images used from Ferroxcube
website)
4.3.2 Litz Wire
Litz wire is available through many suppliers and exhibit very little difference manu-
facturer to manufacturer. Several companies offer multiple types of litz wire (Type 1, Type
2, Type 3, etc.), where the wire comes in predetermined strand gauge and number of strands
but are offered with different strand insulators and litz bundle insulators. The design tool






3C90 2300 470 220 minimum loss at 100°C
3C91 3000 470 220 minimum loss at 100°C
3C92 1500 540 280 high Bsat
3C94 2300 470 220 minimum loss at 100°C
3C95 3000 530 215 flat power loss 25-100°C
3C96 2000 500 240 minimum loss at 100°C
3C97 3000 530 215 flat power loss 60-140°C
3F36 1600 520 230 flat power loss 25-100°C
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Fig. 4.13: Portion of Ferroxcube datasheet for E/42/33/20 (Figure used from Ferroxcube
website)
Table 4.3: Ferroxcube Core Material Thermal Properties (Provided by Ferroxcube)
Kfe α β ct ct1 ct2
3.2 1.46 2.75 2.45 0.031 165×10-6
3.5 1.4 2.5 0.88 0.013 142×10-6
0.349 1.59 2.68 2.55 0.031 151×10-6
3.53 1.42 2.89 1.97 0.022 125×10-6
92.2 1.05 2.44 1.33 0.008 46.2×10-6
0.083 1.72 2.81 2.83 0.037 183×10-6
42.4 1.16 2.8 1.47 0.011 63.6×10-6
6.83 1.44 3.27 1.23 0.011 83.9×10-6
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presented does not discern between these different types and the magnetics designer should
consider the application and isolation requirements before selecting what type of litz wire
to procure. New England Wire Technologies is a popular provider of litz wire and even has
a technical specification document with table data for a vast range of litz wire based on
recommended operating frequency [79]. This table data provides all the geometrical and litz
bundle structure information for the design tool database. This table dataset is enormous,
but a sampling is shown in Table 4.4 to illustrate the information being pulled out of the
database for use in the design tool.
4.3.3 Inductor Design Tool
The rapid design tool was constructed in Python programming language with a QT
designed GUI. These are both open-source languages with well-documented libraries and
best-practices. Because of its usage within the scientific community for data processing and
analysis, the Python community provides a wealth of cases and material to work from. The
program structure and programming methodology is outside the scope of this work, but the
completed design tool files, repositories, exectuables, and GUI package are all available upon
request for future developers to continue work on.
The resulting inductor design tool is shown in Fig. 4.14 with the following sections
highlighted:
(A) Core manufacturer list
(B) Core types available from selected manufacturer
(C) Core sizes available from selected core type
(D) Core materials available from selected core type
(E) Selected core geometry and permeability parameters
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42 5 48 0.004 1478.9 0.0316 0.1016
40 7 48 0.008 1056.3 0.0316 0.2032
38 12 48 0.009 616.2 0.0316 0.2286
36 18 48 0.010 410.8 0.0316 0.2540
34 26 48 0.012 284.4 0.0316 0.3048
32 45 48 0.014 164.3 0.0316 0.3556
30 66 48 0.018 114.8 0.0316 0.4572
28 105 48 0.022 72.2 0.0316 0.5588
26 180 48 0.027 42.1 0.0316 0.6858
24 300 48 0.034 25.9 0.0316 0.8636
22 420 48 0.040 18.5 0.0316 1.0160
20 675 48 0.050 11.5 0.0316 1.2700
18 1100 48 0.062 7.06 0.0316 1.5748
16 1725 48 0.074 4.62 0.0316 1.8796
14 2700 48 0.093 2.95 0.0316 2.3622
12 4500 48 0.159 1.77 0.0316 4.0386
(F) Selected litz wire parameters
(G) List of strand counts available for litz wire intended for selected frequency range
(H) Litz wire is categorized by the intended frequency range of operation
(I) Core and winding parameters (inductance factor (AL), airgap (lg), inductance (L), and
of turns (N))
(J) Operating parameters (RMS voltage and current (Vrms and Irms), operating frequency,
and peak flux density (Bpeak))
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Fig. 4.14: GUI of Rapid Inductor Design Tool
(K) Losses of the inductor include the core and copper losses
(L) Temperature rise of the inductor based on ambient temperature and power loss
(M) Core and copper loss estimation methods. Several options are available in case the
program’s non-linear solver algorithm cannot resolve. Example: if the Exponential
Skin Effect method is returning erroneous results, the user may try the Enhanced Skin
Effect method.
98
(N) Design log allows for easier iterative design functionality. Store current inductor design
in the log window for comparison to subsequent designs. Designs stored in the log may
be copied and pasted.
(O) DC current and field biases may affect core saturation. DC current produces these
biases.
The program is designed to function as an iterative calculator based on the methods
examined in Section 4.2 - when a parameter is changed, the program will back-calculate the
effects that parameter change has on other design outputs. Every input window within the
program will function this way such that any change to the design instantly provides the
result in all other parameter windows. A design flow chart is provided in Fig. 4.15 to guide
a user through the iterative design process.
4.3.4 Transformer Design Tool
The transformer design tool is designed in much the same way, but includes design
inputs exclusive to transformers (e.g. primary and secondary turns, voltages, load power,
etc.) The resulting transformer design tool is shown in Fig. 4.16 with the following sections
highlighted:
(A) Core manufacturer list
(B) Core types available from selected manufacturer
(C) Core sizes available from selected core type
(D) Core materials available from selected core type
(E) Selected core geometry and permeability parameters
(F) Selected litz wire parameters for primary, secondary, and tertiary windings
(G) List of strand counts available for litz wire intended for selected frequency range
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Fig. 4.15: Inductor Design Flowchart
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Fig. 4.16: GUI of Rapid Transformer Design Tool
(H) Litz wire is categorized by the intended frequency range of operation
(I) Core and winding parameters (inductance factor (AL), airgap (lg), inductance (L), and
of turns (N), and leakage inductance (Lk))
(J) Operating parameters (RMS voltages and currents for primary, secondary, and tertiary
windings, operating frequency, and peak flux density (Bpeak)). Also includes number
of sub windings for each winding (number of interleaved windings)
(K) Losses of the inductor include the core and copper losses
(L) Temperature rise of the inductor based on ambient temperature and power loss
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(M) Core and copper loss estimation methods. Several options are available in case the
program’s non-linear solver algorithm cannot resolve. Example: if the Exponential
Skin Effect method is returning erroneous results, the user may try the Enhanced Skin
Effect method.
(N) Design log allows for easier iterative design functionality. Store current inductor design
in the log window for comparison to subsequent designs. Designs stored in the log may
be copied and pasted.
(O) Interlayer insulation thickness. *The program only considers uniform insulation thick-
ness across all subwindings.
(P) Selection of concentric or pie winding structure. *Recall that the concentric structure
yields lower leakage inductance than the pie structure.
As was provided with the inductor design tool, a design flowchart is given in Fig. 4.17
here to aid in the iterative design process for an ideal transformer that minimizes leakage
inductance and maximizes the magnetizing inductance.
As stated in the the previous analysis section, it may sometimes be desired to design
a transformer with a specific leakage inductance for dual-active bridge or resonant tank
applications. This design flow varies from Fig. 4.17 and is shown in Fig. 4.18.
4.4 Design Examples
The selection of the S-LLC converter resonant tank elements is discussed in the next
chapter. However, the next few sections will use these prototype’s designed magnetic ele-
ments as examples of the design tool. The design inputs are based on the operating conditions
of the S-LLC prototype, with key parameters given in Table 4.5.
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Fig. 4.17: Ideal Transformer Design Flowchart
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Fig. 4.18: Tranformer with Leakage Design Flowchart
4.4.1 80µH Resonant Inductor
The series resonant inductor is the first example. It is desired that a minimally sized,
low-loss resonant inductor be constructed for the S-LLC prototype. Following the flowchart
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Table 4.5: Magnetic Design Tool Operating Parameters
Parameter Value






Fig. 4.19: Designed 80 µH resonant inductor using a Ferroxcube 3C95 PQ50x50 core
with 27 turns of 38/420 litz wire
in Fig. 4.15 the design outcomes are printed in the Design Log window of the application
(see Appendix).
From the program outputs the inductor is constructed using a 3C95 PQ50x50 core
with 27 turns of 38/420 litz wire. The air gap is achieved by 3D printing 4000µm shims to
be placed between the two core pieces. The resulting inductor is shown in Fig. 4.19. The
inductance is validated and the frequency-dependent impedance evaluated using a Keysight
E4990A Impedance Analyzer (picture of analyzer shown in next chapter measuring the total
resonant tank impedance). The measured impedance plot is shown in Fig. 4.20. Compared
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Fig. 4.20: Measured impedance of designed resonant inductor (Lr = 72.981µH at
100kHz)
to the design tool output of 73.709µH, the measured value is 72.981 µH, which is very close
to the desired outcome.
4.4.2 1000µH Clamp Inductor
The clamp inductors (Lc and Lm) are the second example. Because these inductors
do not conduct appreciable current, losses, and temperature rise are not of key importance.
Rather it is only required that the inductors be exact in their inductance value. Following
the flowchart in Fig. 4.15, the design outcomes are printed in the Design Log window of the
application (see Appendix).
From the program outputs, the inductor is constructed using a 3C95 PQ32x30 core
with 61 turns of 38/66 litz wire. 500µm shims are made for this inductor using a 3D printer as
well. The resulting inductor is shown in Fig. 4.21. The Keysight E4990A Impedance Analyzer
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Fig. 4.21: Designed 1000µH resonant inductor using a Ferroxcube 3C95 PQ32x30 core
with 61 turns of 38/66 litz wire
validates the design. The measured impedance plot is shown in Fig. 4.22. Compared to the
design tool output of 983.08µH, the measured value is 993.16µH.
4.4.3 Low-Leakage Transformer
The next design will be of the low-leakage transformer. This transformer should
be designed to maximize the magnetizing inductance and minimize the leakage inductance.
Core losses and temperature rise must be attended to given that this transformer will conduct
the full series resonant RMS current. Following the design parameters in Table 4.5, a 1:1
turns ratio is derived and the output of the design tool reached (see Appendix) using the
flowchart in Fig. 4.17.
From the program outputs, the transformer is constructed using a 3C95 PQ50x50
core with 30:30 turns of 38/162 litz wire. No airgap is needed. The resulting transformer is
shown in Fig. 4.23. The Keysight E4990A Impedance Analyzer validates the design through
the use of the short and open circuit tests to measure the Lk and Lm, respectively. The short
circuit measurement is shown in Fig. 4.24 and the open circuit measurement is in Fig. 4.25.
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Fig. 4.22: Measured impedance of designed resonant inductor (Lc = 993.16µH at
100kHz)
Fig. 4.23: Designed ideal transformer using a Ferroxcube 3C95 PQ50x50 core with 30:30
turns of 38/162 litz wire
Compared to the design tool output for the leakage inductance being 8.011µH, the
measured value of 8.5658µH is within 10% error and is acceptable. The magnetizing induc-
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Fig. 4.24: Short circuit measurement of ideal transformer primary(Lk = 8.5658µH at
100kHz)
tance is measured as 9.7624mH, which is larger than the estimated 8.5658mH given by the
design tool.
4.4.4 High-Leakage Transformer
The final design case is of the transformer with a specified leakage inductance and
magnetizing inductance to integrate the series resonant inductor (Lr) and secondary side
clamp inducator (Lm). This transformer should use a pie winding structure based on the
analysis previously reviewed. The requirements for the leakage inductance and magnetizing
inductance must be carefully balanced with the winding turns and core losses. Again, the
core losses and temperature rise must be considered in this design just as it was for the ideal
transformer. Following the flowchart in Fig. 4.18 the design tool output is provided (see
Appendix).
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Fig. 4.25: Open circuit measurement of ideal transformer primary (Lm = 9.7624mH at
100kHz)
Fig. 4.26: Designed specified leakage transformer using a Ferroxcube 3C95 PQ50x50
core with 27:27 turns of 38/162 litz wire with pie winding structure, 200µm air gap, and
3000µm insulation thickness
From the program outputs, the transformer is constructed using a 3C95 PQ50x50
core with 27:27 turns of 38/162 litz wire. A 200µm shim is used and a 3000µm insulation
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Fig. 4.27: Short circuit measurement of specified leakage transformer primary(Lk =
80.416µH at 100kHz)
thickness is applied. The resulting transformer is shown in Fig. 4.26. The Keysight E4990A
Impedance Analyzer validates the design through the use of the short and open circuit tests
to measure the Lk and Lm, respectively. The short circuit measurement is shown in Fig. 4.27
and the open circuit measurement is in Fig. 4.28.
Compared to the design tool output for the leakage inductance being 76.00µH, the
measured value of 80.416µH is within 6% error - outstanding accuracy for a non-optimized
design process. The magnetizing inductance is measured as 1032.8µH, which again is much
larger than the estimated 765.22µH given by the design tool. This was due to the designer
decreasing the airgap from 200µm to 150µm on the test bench to adjust the final magnetizing
inductance measurement to better match the desired inductance of 1000µH. Again, this is
an iterative process.
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Fig. 4.28: Open circuit measurement of specified leakage transformer primary (Lm =
1032.8µH at 100kHz)
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Chapter 5: Prototype and Experimental Results
This chapter will cover the experimental validation of two constructed prototypes of
the S-LLC converter - one with discrete resonant tank components and one with the series
resonant inductance and secondary side clamp inductance integrated into the transformer.
The resonant tank’s input impedance of both prototypes is measured to verify the design
of the low and high impedance resonant frequencies. Results for operational cases 1, 2, and
3 are all presented and the results compared. Load step immunity is also demonstrated
for Case 1 operation in voltage regulation mode. Modular operation is also demonstrated
by performing load sweep tests with both prototypes in parallel to increase total power
throughput capacity. Finally, the efficiency of all three cases are presented and compared.
5.1 Prototypes
Two prototypes are constructed based on the analysis presented. The first will include
only discrete components - meaning that that resonant tank elements Lr and Lm will not
be integrated into the transformer, but will rather be constructed separate for ease of mea-
surement. However, these components may be integrated into the transformer if designed
appropriately to reduce the total part count of the converter, as was shown in the previous
chapter. Therefore, the second prototype will omit the discrete series resonant inductor (Lr)
and the secondary clamp inductor (Lm) as they are now integrated into the transformer. The
constructed prototypes of the discrete-element S-LLC converter and integrated-transformer
S-LLC converter are shown in Figs. 5.1 and 5.2, respectively.
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Fig. 5.1: 2kW S-LLC converter prototype with separate (non-integrated) Lr and Lm in-
ductors for ease of measurement.
Fig. 5.2: 2kW S-LLC converter prototype with integrated XFMR such that Lr and Lm
are the leakage and magnetizing inductance of the transformer, respectively
5.2 Resonant Tank Evaluation
Each prototype’s resonant tank is evaluated to verify that the input impedance curve
matches what is expected, which is that there should be a high impedance resonance at
fHZ = 27.7kHz and a low impedance resonance at fLZ = 100kHz. The primary side of each
converter’s resonant tank is connected to the Keysight E4990A Impedance Analyzer and
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Fig. 5.3: Impedance analysis of S-LLC converter with transformer integrated resonant
tank
their secondary side shorted to synthesize the input impedance analysis discussed in Section
(3.1). The measurement stand is shown in Fig. 5.3.
5.2.1 S-LLC with Discrete Elements
The input impedance of the S-LLC converter with discrete resonant tank elements is
shown in Fig. 5.4. The plot matches the shape of Fig. 3.4 and the low impedance and high
impedance resonant frequencies are very close to the target values, with measured values
of fLZ = 97.7kHz and fHZ = 27.3kHz. The final S-LLC converter with discrete elements
measured specifications are given in Table 5.1, with the measured values of the magnetic
elements designed in Chapter 4.
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Fig. 5.4: Primary side input impedance of S-LLC converter with discrete resonant tank
elements




MOSFETS ROHM SCT30ALGC11 (650V, 30mΩ)
Cr = 32nF C330C102KGG5TA (2kV, 1nF x 32)
Lr = 72.981µH
Ferroxcube 3C95 PQ 50x50
27 Turns of 38/420 Litz Wire
Lc = Lm = 993.16µH
Ferroxcube 3C95 PQ 32x30
61 Turns of 38/66 Litz Wire
Transformer Ferroxcube 3C95 PQ 50x5030:30 Turns of 38/162 Litz Wire
Lk = 8.5658µH transformer leakage inductance
5.2.2 S-LLC with Integrated Transformer
Similar to the measurements performed on the discrete element S-LLC prototype, he
input impedance of the integrated transformer prototype measured and shown in Fig. 5.4.
Again, the plot matches the shape of Fig. 3.4 and the low impedance and high impedance res-
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Fig. 5.5: Primary side input impedance of S-LLC converter with an integrated trans-
former
onant frequencies are very close to the target values, with measured values of fLZ = 99.6kHz
and fHZ = 27.5kHz. The final S-LLC converter with integrated transformer measured spec-
ifications are given in Table 5.2, including the characterized magnetic elements designed in
Chapter 4.




MOSFETS ROHM SCT30ALGC11 (650V, 30mΩ)
Cr = 32nF C330C102KGG5TA (2kV, 1nF x 32)
Transformer Ferroxcube 3C95 PQ 50x5027:27 Turns of 38/162 Litz Wire
Lk = 80.416µH transformer leakage inductance
Lm = 1032.8µH transformer magnetizing inductance
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5.3 Test Bench and Converter Controller
The test stand constructed for testing both S-LLC converter prototypes for all three
operational cases is shown in Fig. 5.6. A Sorenson 600V/30A dc power supply provides power
to the unit under test and may be attached to either the primary or secondary side of the
converter to evaluate bidirectional power flow. Waveform measurements are captured with
a Tektronix MSO58 oscilloscope and a combination of THDP0100 high-voltage differential
probes and IsoVu isolated high-voltage probes from Tektronix. The total measurement loop
bandwidth is limited by the IsoVu probes, which measure up to 200MHz signals. This
bandwidth limitation does not impact measurements in these experiments because the cut-
off is three orders of magnitude higher than the base switching frequencies.
Fig. 5.6: 2kW test bench for validation testing of S-LLC converter prototypes
Loading the converters under test is accomplished by using two switched resistive
load banks, as shown in Fig. 5.7. This load bank was designed for use up to 6000V and
load power ranges from 100-1000’s of watts. Additionally, system input and output power
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Fig. 5.7: Power supply, resistive load bank, and power metering equipment used in testing
of the S-LLC converter prototypes
is measured with a Hioki 3193 power meter. The Hioki captures input/output voltages,
currents, and power. It also calculates efficiency for each test performed.
Gate drive control signals for the converters under test are generated on the con-
trol board shown in Fig. 5.8. This control board was designed around the Texas Instru-
ments TMS320F28379D dual-core MCU, which is implemented here on a Texas Instruments
Launchpad. The control board interfaces the MCU with the converters through high-speed
differential transceivers to minimize noise on the control signal lines to each converter under
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Fig. 5.8: Texas Instruments F28379D Launchpad on developed control board
test. This serves to mitigate chances of noise coupled into the conrol signal lines from creat-
ing accidental turn-on events, which would induce faults within the system and destroy the
switching devices.
5.4 Case 1: DC Regulation Results
Converter operational testing is carried out and presented in the next sections. All
three operational cases are demonstrated, beginning with Case 1: Voltage Regulation mode.
The analysis of this mode presented in Chapter 3 shows that it exhibits bidirectional power
flow and buck/boost capabilities. For the purposes of providing measurements for the sec-
ondary clamp inductance (Lm), operational waveforms are only shown for the discrete ele-
ment S-LLC prototype. The same testing profile was conducted with the integrated trans-
former version for the purposes of efficiency comparison, which is discussed later in this
chapter. Due to the size and number of the plots presented, all plots for this section are held
at the end of the chapter.
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The first test is a power sweep for the forward conduction mode (power flow from
primary to secondary). This is conducted for input voltages of 320V and 480V with an output
voltage of 400V to demonstrate both the buck and boost capabilities of the converter. Load
power is swept from 200W-2000W and a collection of captured waveforms are shown in
Fig. 5.25.
In the forward conduction mode, the buck operation (Figs. 5.25a, 5.25c and 5.25e)
dictates that φs = π and φp is modulated to regulate the desired 400V output voltage. This
can be seen though the modulated vp(t) primary voltage, whereas vs(t) is a square wave
with a 50% duty cycle. As the load increases, the magnitudes of ir(t) and vCr(t) also increase
due to the increased load current demand. Comparing the buck results to the boost results
(Figs. 5.25b, 5.25d and 5.25f), the modulated variable is φs while φp = π. This is reflected in
the secondary voltage and clamp inductor current shape. Again, as the load increases so does
the series resonant branch current and RMS voltages across the series resonant elements.
The reverse conduction buck/boost operation of the S-LLC converter is also evaluated.
The power supply is attached to the secondary side of the converter and the resistive load
bank to the primary. The results for the buck mode (Figs. 5.26a, 5.26c and 5.26e) and boost
mode (Figs. 5.26b, 5.26d and 5.26f) are compared. It is noted that the forward buck mode
is operated in the same way as the reverse boost mode in that φp is the modulated variable.
The difference between the two is that the series resonant branch current (ir(t)) is inverted,
signifying a reverse in power flow direction. The same can be said for the forward boost mode
and reverse buck mode - φs is modulated and ir(t) is inverted between the two. Otherwise,
the waveforms are symmetrically identical.
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Fig. 5.9: Step response of S-LLC in Case 1: Forward buck mode of operation. 10% to
90% power demand load step.
5.4.1 Transient Immunity Validation
As stated in Section (3.4), operation of the S-LLC at the low-impedance resonant
frequency results in an effective output impedance approaching zero. In control theory, the
output impedance of a system is used in the definition of a plant function to express the effects
that load steps may have on the regulation of the converter. With zero-output impedance,
the S-LLC is practically immune to the effects of load transients. This is tested by applying
a 10% to 90% load step (200W-1800W) and a 90% to 10% load step (1800W-200W).
This test is performed open-loop, so no controller affects the overshoot measurements.
Additionally, it is performed for both buck and boost modes in forward conduction operation.
The symmetry of the tank allows one to assume that results for the reverse conduction mode
to be similar.
In Fig. 5.9, the buck mode open-loop load step from 200W to 1800W results in a
14.54V overshoot of the output voltage (or 3.64% overshoot above the 400V dc output).
This load transient is effectively commutated over 3µs, which is less than half the switching
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Fig. 5.10: Step response of S-LLC in Case 1: Forward boost mode of operation. 10% to
90% power demand load step.
period of the converter. This is an astoundingly fast reaction to such a large step in load
demand. Similar results are shown in Fig. 5.10 for the open-loop boost mode of operation.
The measured overshoot is 15.2V for this case (or 3.8% overshoot above the 400V dc output).
Again, the load step transient lasts less than 1µs with minimal disturbance to the output
voltage and the load current is commutated in less than one switching cycle (<10µs).
The cycle-over-cycle effects the load transient has over the resonant tank elements
is shown in Fig. 5.11, which is the zoomed-out measurement that Fig. 5.9 was derived
from. Though the commutation of the load current occurs relatively quickly, the resonant
tank voltage vLr and series resonant current ir take several tens of µs to catch up. This is
likely due to the output film capacitors of the prototype supplying the instantaneous power
required to commutate the load step current as the converter moves to provide the new full-
load current. It can also be seen that as the converter takes over the supply of load current,
the output voltage droops (slowly) by nearly 10% (from 400V to 360V). This is because
the system is running open-loop with no controller and the converter is non-ideal - meaning
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Fig. 5.11: S-LLC resonant tank waveforms under 10%-90% load step conditions
there are losses and voltage drops across the switching devices and parasitic resistances in
the resonant tank elements.
5.5 Case 2: Power Regulation Results
In Case 2, the converter is operated at 50kHz, which lies between fHZ and fLZ . In this
mode, the phase shift variable θ is set to either −π2 for forward conduction (power flow from
primary to secondary) or π2 for reverse conduction (power flow from secondary to primary).
The phase shift variables φp and φs are made to be equal and are modulated synchronously
to regulate the magnitude of power flow. In these tests, the resistive load bank is changed
to match the desired power flow for a given φp = φs value and the desired output voltage
of 400V. This is done to synthesize the charging of a 400V battery bank, showing that for a
fixed output voltage a specific charging current can be commanded by modulating φp and φs.
This experiment is performed for forward and reverse conduction modes across the entire
converter load range, and the results for select tests are shown in Fig. 5.27. Due to the
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Fig. 5.12: Case 2: Comparison of calcuated power delivery based on (3.47), the measured
power for the operating phase shift variables (φp = φs), and these measurements corrected
for the effects of dead time and efficiency.
size and number of the plots presented, all plots for this section are held at the end of the
chapter.
In both the forward and reverse conduction mode, it can be seen that the resonant
inductor voltage vLr distorts for lower load power demands. This is caused by the firing
angles of the primary and secondary bridge (see the rise and fall instances of vp and vs),
which creates twice as many voltage-step instances driving the tank. It is also shown that
the series resonant current ir morphs shape as well across the load range, finally reaching a
very satisfying pseudo-sinusoid shape for the 2kW load.
A comparison between the measured output power for a given value of φp = φs and
the expected value calculated using (3.47) must also be checked. In Fig. 5.12, it is shown
that the resulting calculations from the analysis section yield accurate results.
5.6 Case 3: Power Regulation Results
Case 3 may be used in the same way as Case 2 - to regulate power flow from two
dc-link voltage sources or loads. In this way, a battery charging current may be commanded
just as it may in Case 3. However, in this mode, the converter is operated at a frequency
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Fig. 5.13: Case 3: Comparison of calcuated power delivery based on (3.47), the measured
power for the operating phase shift variable θ, and these measurements corrected for the
effects of dead time and efficiency.
greater than the low-impedance resonant frequency (175kHz per the design of this converter).
And instead of modulating φp and φs, these variables are set to π for the full operating load
range and θ is used to control both the direction of power flow and the magnitude. Testing
this method is performed the same way as was Case 2, by sizing the resistive load to match a
desired test power for a 400V battery. The results for this mode of operation in the forward
and reverse conduction configuration is shown in Fig. 5.28. However, due to the size and
number of the plots presented, all plots for this section are held at the end of the chapter.
Opposed to Case 2, Case 3 exhibits very little waveform distortion, though the in-
ductor voltage can be seen reducing in effective pulse-width for lower load powers. This
is to be expected since the θ variable grows smaller for reduced power demand. Addition-
ally, these waveforms are reminiscent of those shown from studies of the dual-active bridge
converter. This is because for frequencies above the low-impedance resonant frequency, the
input impedance of the S-LLC converter is effectively inductive.
A comparison between the measured output power for a given value of θ and the
expected value calculated using (3.47) must also be checked. In Fig. 5.13, it is shown that the
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Fig. 5.14: Discrete element and integrated S-LLC converter prototypes connected in par-
allel on test bench
resulting calculations from the analysis section yield relatively accurate results. The minor
discrepancy observed may be due to dead time generation based on the microcontroller’s
timer resolution operating at such a high switching frequency of 175kHz.
5.7 Modular Operation
It has been postulated that the S-LLC converter may be configured in a modular
way to increase total system power handling capability. To test this, both S-LLC converter
prototypes are connected in parallel and ran on the same test bench as the previous ex-
periments were performed. The paralleled converters may be seen in Fig. 5.14. Tests were
performed with a 1kW and 3kW load. For ease, the discrete element S-LLC is referred to as
”Converter #1” and the integrated transformer S-LLC as ”Converter #2” for the duration
of this section.
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5.7.1 Case 1: DC Regulation
The voltage regulation modes of operation shown in Figs. 5.15 and 5.16 present evi-
dence that the S-LLC converter may indeed be configured in a modular way. This is demon-
strated through the series resonant current in both converters (Ch.5 and Ch.6 from the
waveforms) for 1kW load where the peak magnitudes for each converter’s current is 3.1A
and 3.2A, respectively. Therefore, they are sharing current equally. This is further corrob-
orated with the 3kW case in Fig. 5.16, which shows each converter’s series resonant current
peak magnitude as 6.6A and 7.2A, respectively. The difference between the two peak series
resonant currents is due to the converter’s not being of the same type - meaning that one uses
discrete resonant circuit elements and the other has it’s series resonant inductor integrated
into the transformer. This is further highlighted by the differences between the two builds
in terms of low impedance resonant frequency as shown in Tables 5.1 and 5.2.
Fig. 5.15: Case 1: Parallel operation in forward buck mode with 1kW load. Ch.1 - Con-
verter #2 XFMR primary voltage, Ch.2 - Converter #1 resonant inductor voltage, Ch.3
- Converter #2 resonant capacitor voltage, Ch.4 - Converter #1 resonant capacitor volt-
age, Ch.5 - Converter #2 series resonant current, and Ch.6 - Converter #1 series resonant
current.
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Fig. 5.16: Case 1: Parallel operation in forward buck mode with 3kW load. Ch.1 - Con-
verter #2 XFMR primary voltage, Ch.2 - Converter #1 resonant inductor voltage, Ch.3
- Converter #2 resonant capacitor voltage, Ch.4 - Converter #1 resonant capacitor volt-
age, Ch.5 - Converter #2 series resonant current, and Ch.6 - Converter #1 series resonant
current.
5.7.2 Case 2: Power Regulation
The voltage regulation modes of operation shown in Figs. 5.15 and 5.16 present evi-
dence that the S-LLC converter may indeed be configured in a modular way. This is demon-
strated through the series resonant current in both converters (Ch.5 and Ch.6 from the
waveforms) for 1kW load where the peak magnitudes for each converter’s current is 3.1A
and 3.2A, respectively. Therefore, they are sharing current equally. This is further corrob-
orated with the 3kW case in Fig. 5.16, which shows each converter’s series resonant current
peak magnitude as 6.6A and 7.2A, respectively. The difference between the two peak series
resonant currents is due to the converter’s not being of the same type - meaning that one uses
discrete resonant circuit elements and the other has it’s series resonant inductor integrated
into the transformer. This is further highlighted by the differences between the two builds
in terms of low impedance resonant frequency as shown in Tables 5.1 and 5.2.
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Fig. 5.17: Case 2: Parallel operation in forward mode with 3kW load. Ch.1 - Converter
#2 XFMR primary voltage, Ch.2 - Converter #1 resonant inductor voltage, Ch.3 - Con-
verter #2 resonant capacitor voltage, Ch.4 - Converter #1 resonant capacitor voltage,
Ch.5 - Converter #2 series resonant current, and Ch.6 - Converter #1 series resonant cur-
rent.
5.7.3 Case 3: Power Regulation
For power flow regulation in Cases 2 and 3, the converters performed very well in
terms of power sharing. In Case 2 testing with a 3kW load, the current is shared equally
between the two converters with peak series resonant currents of 11.3A each, as can be seen
in Ch.5 and Ch.6 of Fig. 5.17. The waveforms of the voltages and currents for other resonant
elements match the results for the single converter case given earlier in this chapter. In Case 3
testing with a 3kW load, the current sharing is still very good, with the peak current of ir for
Converter #1 and Converter #2 being 5.63A and 5.39A, respectively. Again, comparison of
the resonant element waveforms in this modular test case with those from the single converter
case given previously, very little difference is noticed.
5.8 Efficiency Comparison
Having examined the S-LLC converter analytically and experimentally, it is time to
compare the operational modes in terms of efficiency. Though waveforms for all operational
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Fig. 5.18: Case 3: Parallel operation in forward mode with 3kW load. Ch.1 - Converter
#2 XFMR primary voltage, Ch.2 - Converter #1 resonant inductor voltage, Ch.3 - Con-
verter #2 resonant capacitor voltage, Ch.4 - Converter #1 resonant capacitor voltage,
Ch.5 - Converter #2 series resonant current, and Ch.6 - Converter #1 series resonant cur-
rent.
modes and loads are shown, the prototype was subjected to a thorough regime of testing to
construct efficiency maps for each case. Figs. 5.19 and 5.20 illustrate these results.
Case 1 was shown to function as expected in the forward conduction buck and boost
modes. Between the two modes of operation, Case 3 (fs > fLZ) presented the best average
efficiency over Case 2 (fHZ ≤ fs < fLZ), but Case 2 exhibited a higher peak efficiency at
maximum load. Further work may be performed in this area to combine the two modes of
operation for maximum efficiency benefits.
Parallel operation of the converters yielded similar results in efficiency for ”light” and
”heavy” loads - meaning that converter operation is more efficient the higher load demand.
This is shown for the cases tested in parallel configuration in Fig. 5.21. Case 3 has proven
itself to be the most efficient method to achieve power regulation, and thus, battery charging
is most efficient if Case 3 operation is used over Case 2. Further, the converters are also
most efficient when the voltage conversion ratio is unity when operated in Case 1.
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Fig. 5.19: Efficiency comparison for buck, boost, and Vp = Vs dc regulation operation in
the forward (positive load values) and reverse (negative load values) conduction modes
Fig. 5.20: Efficiency comparison for Case 2 and Case 3 power regulation modes for for-
ward (positive load values) and reverse (negative load values) conduction.
Emphasis has been placed on the integration of the series resonant inductance and
secondary side clamp inductance into the isolation transformer to reduce total part count.
However, what are the costs of this in terms of efficiency? It is expected that the integrated
transformer will not perform as well as the discrete prototype with the losses associated with
the integrated components enveloped within the transformer. The same forward conduction
mode tests were performed on the integrated transformer based prototype as they were with
the discrete element prototype to compare.
132
In Fig. 5.22, the voltage regulation mode of Case 1 efficiency’s of both prototypes are
compared. The maximum efficiency difference for any load value is 0.65% and is located in
the mid-load power range ( 1kW) for the buck mode of operation. Otherwise, the efficiency
of each prototype are almost indistinguishable.
Figure 5.23 shows the efficiency comparison between the two prototypes for the power
regulation modes of operation. For Case 2, the efficiency of each prototype are almost
identical - likely due to the low frequency operation not exciting any parasitic elements
within the integrated transformer. However, there is a minute drop in efficiency for the
integrated transformer prototype across the full load range for Case 3, with a peak efficiency
difference of 1.2%.
These results show that not only is integrating the series resonant inductor and sec-
ondary clamp inductor into the transformer leakage and magnetizing inductance, respec-
tively, an effective means to reduce total converter part count, but that it trades very little
Fig. 5.21: Efficiency comparison between all three operational cases with paralleled con-
verters
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Fig. 5.22: Efficiency comparison between discrete element S-LLC and integrated trans-
former S-LLC for Case 1 operation with Vs = 400V






Fig. 5.23: Efficiency comparison between discrete element S-LLC and integrated trans-
former S-LLC for Cases 2 and 3 operation with Vs = 400V
in the way of efficiency when enacted. Based on these results, it would be recommended
that all LLC-based resonant converters (that include a series resonant and output clamp
inductance) incorporate these elements into the transformer directly.
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5.9 Thermal Performance of Integrated Transformer
The magnetics design tools developed in Chapter 4 give estimates on the temperature
rise of the designed transformer or inductor. Therefore, a comparison between the tool’s
calculated temperature rise and the measured temperature of the magnetics needs to be
made. The integrated transformer designed in Section (4.4.4) is selected for this comparison
since it is by far the most involved magnetics design of this work.
The output of the Transformer Design Tool estimated a temperature rise of 41.9°C
over ambient. In Fig. 5.24, the temperature of the transformer is measured when operating
under full load in Case 1 with unity voltage conversion (Vp = Vs and φp = φs = π). Room
temperature during this measurement was 20.3°C and the peak transformer temperature
measured is 60.4°C, which gives a total transformer temperature rise of 40.1°C. Compared to
the expected 41.9°C given by the tool, this exhibits a 4.3% error between the tool’s output
and the measurement. Thus, the design tool’s temperature estimation is verified.
Fig. 5.24: Measured temperature rise of integrated transformer under full 2kW load oper-
ating in Case 1 mode with unity voltage conversion
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(a) Forward Buck Mode - 500W (b) Forward Boost Mode - 500W
(c) Forward Buck Mode - 1000W (d) Forward Boost Mode - 1000W
(e) Forward Buck Mode - 2000W (f) Forward Boost Mode - 2000W
Fig. 5.25: Forward buck/boost operation of discrete element S-LLC converter
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(a) Reverse Buck Mode - 500W (b) Reverse Boost Mode - 500W
(c) Reverse Buck Mode - 1000W (d) Reverse Boost Mode - 1000W
(e) Reverse Buck Mode - 2000W (f) Reverse Boost Mode - 2000W
Fig. 5.26: Reverse buck/boost operation of discrete element S-LLC converter
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(a) Case 2: Forward power regulation mode - 500W (b) Case 2: Reverse power regulation mode - 500W
(c) Case 2: Forward power regulation mode - 1000W (d) Case 2: Reverse power regulation mode - 1000W
(e) Case 2: Forward power regulation mode - 2000W (f) Case 2: Reverse power regulation mode - 2000W
Fig. 5.27: Case 2: Forward and reverse power flow regulation
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(a) Case 3: Forward power regulation mode - 500W (b) Case 3: Reverse power regulation mode - 500W
(c) Case 3: Forward power regulation mode - 1000W (d) Case 3: Reverse power regulation mode - 1000W
(e) Case 3: Forward power regulation mode - 2000W (f) Case 3: Reverse power regulation mode - 2000W
Fig. 5.28: Case 3: Forward and reverse power flow regulation
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Chapter 6: Conclusions and Future Work
The need for continuous innovation in the areas of power converter topologies, mod-
ulation, and control for battery storage systems within electric vehicles has not yet yielded,
nor should it. If global carbon emissions are going to be reduced and a sustainable en-
ergy future is to be secured, then the technology space and application of advanced power
electronics systems will need continually grow and innovate over the coming decades.
Electric vehicles are but one sub-target in this larger effort to move to more sustainable
energy sources, but the execution of more advanced systems within these vehicles presents
many challenges. The interface between the high-power lithium ion battery pack and the 3-
phase traction inverter is critical to improving drive-time per charge through system efficiency
improvement. Cost and development time are precious resources within these design spaces
so total system size, part count, and controller complexity contribute to increasing design
cycle times and hold back go-to-market strategies for these advanced systems.
6.1 Contributions
In this work, the above mentioned challenges were addressed through the development
of a novel multi-operational control method of a symmetrical LLC resonant converter. The
presented analysis suggested that the converter may be operated at a fixed frequency with
a quasi-triple phase shift modulation scheme to achieve both dc voltage regulation (Case 1
presented) for interfacing to traction inverters as well as a power regulation mode (Cases 2
and 3 presented) to directly control battery charging current. The voltage regulation mode
is especially unique in that it presents a near-zero output impedance and it demonstrated
to be practically immune to load transients. The symmetry of the resonant tank itself, and
the dual-active bridge architecture make this topology intrinsically bidirectional as well for
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more universal applications, such as solid-state transformers, large-scale battery management
systems, and server power systems.
A new high-frequency magnetics design tool was also created through this work to
assist in rapid, iterative design work performed in the beginning stages of a project or in power
electronics research. The tool was created using the Python coding language and is packaged
in a GUI for real-time user input such that any change to a design input immediately provides
adjustments to affect outputs. The fundamental relationships in high-frequency magnetism,
winding losses, magnetic core losses, thermal performance, and winding geometry are all
coalesced into this one tool and is leveraged in this work for the design of the magnetic
elements used in the symmetrical LLC converter prototypes.
The proposed topology and novel multi-operational control method are evaluated
through the creation of two prototype converters. One converter was created with discrete
resonant tank elements to provide easy measurement of the critical resonant tank voltages
and currents; the measurement of which was shown to validate the complex exponential
Fourier series analytical method presented. The second prototype demonstrated the power
of the high-frequency transformer design application by integrating the series resonant induc-
tance into the transformer leakage inductance while simultaneously producing a design that
had the magnetizing inductance necessary to achieve zero-voltage switching of the secondary
bridge devices for all load cases.
In summary, this dissertation contributes the following:
• Generalized derivation of harmonic-dependent transfer characteristic of dual-active
bridge based resonant converter topologies using multi-variable Fourier series expansion
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• Novel multi-operation principal of a symmetrical LLC resonant converter topology for
battery management, dc-link regulation, and charing
• Database derived high-frequency inductor and transformer design tool for rapid pro-
totyping
• Discrete element and integrated transformer based symmetrical LLC resonant con-
verter experimental validation for all proposed operational cases
• Demonstration of modular configurability of symmetrical LLC converter for increased
system power handling
6.2 Future Work
Attempts to address the design challenges within battery management systems and
electric vehicle drivetrains were made in this effort, but much work may still be done. The
analytical method presented in Chapter 2 gives a means to calculate key resonant tank
parameters of the symmetrical LLC converter. This method, by way of the Fourier series
expansion, evaluates the resonant tank on a harmonic-by-harmonic basis - essentially solving
the ac resonant circuit for k number of harmonics considered and recombining their RMS
values to produce more accurate performance predictions. Because this fundamentally breaks
down to an iterative solution to the same ac circuit problem, it may be applicable to other
resonant converter topologies. This, it is humbly suggested, should be explored further.
The magnetics design tool presented is a first step towards a more holistic design suite.
A software developer’s skillset could be applied to the tool to create something more akin to a
release package from a reputable software application company. In doing so, and streamlining
the database query method, the tool may incorporate more magnetic manufacturers and
winding types. On this point, a modification to the program to include planar magnetics
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design with foil winding or PCB-integrated windings would be most beneficial to designers
working on ultra-compact designs.
Though the symmetrical LLC converter exhibited peak efficiencies of 97.6% in the
voltage regulation mode of operation and 98% in the power regulation mode for Case 3
(operation above the low-impedance resonant frequency), the application of more refined
design resources, time, and effort (e.g. optimal transformer design methodologies) may
drive this converter to even better performance. Additionally, higher-power versions may be
constructed and validated for applications that require it.
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Core : Ferroxcube / PQ Type / PQ 50 x 50 / 3C95
Primary Wire: 38/420 Litz Wire -- Wire Length: 2714. um
Operating Conditions and Transformer Structure
Voltage (RMS): 400 V
Current (RMS): 6 A
Turns : 27
Inductance: 73.709 uH
Operating Frequency: 100 kHz
Flux Density: 101. mT
Airgap (Center Post): 4000.0 um
Effective Airgap: 8000 um
Losses and Temperature
Ambient Temperature : 25 C
151
Core Temperature Rise: 19.5 C
Core Temperature: 44.5 C
Core Losses: 2.28 W
Winding Losses: 2.27 W
Total Losses: 4.55 W
Core Loss Calculation Method: Steinmetz + Temp
Copper Loss Calculation Method: Exponential Skin Effect
Proximity Effect Considered? YES
1000µH Clamp Inductor
*************************************************




Core : Ferroxcube / PQ Type / PQ 32 x 30 / 3C95
Primary Wire: 38/66 Litz Wire -- Wire Length: 3928. um
Operating Conditions and Transformer Structure
Voltage (RMS): 400 V




Operating Frequency: 100 kHz
Flux Density: 88.3 mT
Airgap (Center Post): 500.0 um
Effective Airgap: 1000 um
Losses and Temperature
Ambient Temperature : 25 C
Core Temperature Rise: 12.3 C
Core Temperature: 37.3 C
Core Losses: 0.57 W
Winding Losses: 0.14 W
Total Losses: 0.71 W
Core Loss Calculation Method: Steinmetz + Temp
Copper Loss Calculation Method: Exponential Skin Effect
Proximity Effect Considered? YES
Low-Leakage Transformer
*************************************************





Core : Ferroxcube / PQ Type / PQ 50 x 50 / 3C95
Primary Wire: 38/162 Litz Wire -- Wire Length: 3015. um
Secondary Wire: 38/162 Litz Wire -- Wire Length: 3015. um
Operating Conditions and Transformer Structure
*** Notation -- (Primary) : (Secondary) ***
Voltage (RMS): 400V : 400.0V
Turns : 30 : 30
Load Power: 3000W : 3000 W
Sub-windings: 1 : 1
Magnetizing Inductance: 8292.9 uH : 8292.9 uH
Operating Frequency: 100 kHz
Flux Density: 182. mT
Airgap (Center Post): 2.5 um
Effective Airgap: 5 um
Insulation Thickness: 10 um
Leakage Inductance: 8.011 uH
Winding Structure: Concentric
Losses and Temperature
Ambient Temperature : 25 C
Core Temperature Rise: 60.5 C
154
Core Temperature: 85.5 C
Core Losses: 8.90 W
Winding Losses: 5.52 W : 5.52 W
Total Losses: 19.939999999999998 W
Core Loss Calculation Method: Steinmetz + Temp
Copper Loss Calculation Method: Exponential Skin Effect
Proximity Effect Considered? YES
High-Leakage Transformer
*************************************************




Core : Ferroxcube / PQ Type / PQ 50 x 50 / 3C95
Primary Wire: 38/162 Litz Wire -- Wire Length: 2714. um
Secondary Wire: 38/162 Litz Wire -- Wire Length: 2714. um
Operating Conditions and Transformer Structure
*** Notation -- (Primary) : (Secondary) ***
Voltage (RMS): 400V : 400.0V
Turns : 27 : 27
155
Load Power: 3000W : 3000 W
Sub-windings: 1 : 1
Magnetizing Inductance: 765.22 uH : 765.22 uH
Operating Frequency: 100 kHz
Flux Density: 101. mT
Airgap (Center Post): 200.0 um
Effective Airgap: 400 um
Insulation Thickness: 3000 um
Leakage Inductance: 76.00 uH
Winding Structure: Pie
Losses and Temperature
Ambient Temperature : 25 C
Core Temperature Rise: 19.5 C
Core Temperature: 44.5 C
Core Losses: 2.28 W
Winding Losses: 4.96 W : 4.96 W
Total Losses: 12.2 W
Core Loss Calculation Method: Steinmetz + Temp
Copper Loss Calculation Method: Exponential Skin Effect
Proximity Effect Considered? YES
156
